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Abstract

Low-Power Techniques for
High-Speed Wireless Baseband Applications

by

Keith Ken Onodera

Doctor of Philosophy in Electrical Engineering
and Computer Sciences

University of California, Berkeley

Professor Paul R. Gray, Chair

The application of digital techniques to every facet of electronic design continues to

be a goal in the engineering community due to the many benefits of digitization (noise tol-

erance, precision control, increased functionality, programmability, etc.).  As this goal is

applied to the newest electronic markets, the highest-performance analog-to-digital (A/D)

converters are required which tend to consume a large amount of power.  In the growing

area of wireless communications, large power consumption is contrary to battery life,

motivating the search for low-power alternatives.

One possible low-power alternative is to perform some of the initial signal process-

ing in the analog domain thereby relaxing the speed and/or resolution requirements of the

A/D converter, thus lowering its power consumption.  If the analog processing circuits dis-

sipate roughly the same amount of power as the digital circuits they displaced, then the

overall system power will be lower.  The potential benefits of this analog approach is the

motivation of this research.
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Chapter 1

Introduction

In modern society, time is arguably the most precious commodity and it motivates us

to look for ways of doing things faster.  This is particularly true in the electronics industry

where increasing processing speeds has been a never-ending goal.  However, the result of

this high-speed quest has been an attendant increase in power which raises a new concern

about continued progress.  This fact coupled with the trend towards battery-powered per-

sonal communication systems (cellular phones, portable computers, wireless web access

and hand-held global positioning satellite (GPS) systems) creates a conflicting desire for

low-power electronics that can deliver high performance.  The search for techniques to

reduce the power without decreasing the performance or to improve the performance with-

out increasing the power, or both, is the subject of this research.

1.1 Background

In addition to the progression towards higher processing speeds, the electronics

industry continues a trend of maximizing the digital circuitry content of integrated circuits
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and of minimizing the analog content.  This is due to several advantages that digital cir-

cuitry has over its analog counterpart, such as, better noise immunity, faster development

time (via computer automated software), more flexible & precise monitor/control capabil-

ities and easier extensibility.  For these reasons, the industry’s approach is one of continu-

ing the migration towards 100% digital content and of relying on fabrication process

advancements to improve the speed-power performance.

While this strategy works well with mature technology markets (consumer audio,

telephony and voice-band data communications), it produces less than optimal

speed-power solutions for the newest high-speed markets (wireless, optical and

high-speed wired data communications).  The difficulty lies mainly with the ana-

log-to-digital (A/D) conversion process.  The high conversion (sampling) rate and/or large

dynamic range (resolution) requirements of these new high-speed applications push the

latest A/D converters (ADC’s) to their limits, resulting in high converter power consump-

tion.

This is illustrated by Fig. 1-1 which shows the extent of current A/D converters’

capabilities on a plot of published1 ADC performance.  The converter boundary separates

the region where both analog and digital processing is possible from where only analog

processing is possible.  In the former region, a choice can be made to use analog or digital

circuitry; digital being chosen often for reasons given above.  For applications that do not

require A/D performance close to the boundary, i.e., requiring lower speed and resolution,

1. See Chapter 2 for a list of references.
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low-power A/D conversion exists, permitting digital processing with all its benefits.  How-

ever, for those applications requiring A/D performance near the boundary (in the shaded

region)1 in order to implement digital processing, a significant power cost is exacted.  

In these cases, analog circuitry can perform the initial processing, reducing the sig-

nal’s dynamic range and bandwidth.  Then the subsequent ADC will have lower resolution

and/or sampling rate requirements (below the shaded region) resulting in lower power

consumption.  Assuming that analog processing consumes as much or less power than dig-

ital processing for the same task, as suggested by [1], the overall system power consump-

Figure 1-1 Plot of published ADC performance (1988-1999).

1. The shaded region is of arbitrary width intended to give a qualitative idea of the region where analog pro-
cessing may be used to lower converter requirements and thus power.
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tion can be lowered by using this analog pre-processing approach.

1.2 Research Goals

The above assertions appeal to ones intuition but quantitative analyses and results

can be more useful; so this work attempts a first-order analysis of the power consumption

of high-speed A/D converters.  With this information and some examples of current

high-speed applications, a rough quantitative analysis of the above ideas is possible.  The

results of this analysis can be further tested by fabricating a prototype system and compil-

ing the measured results.

The following is a list of contributions from this research:

1. Derived first-order relationships of ADC power as a function of resolution and

sampling rate for high-speed converter architectures (Flash, Folding/Interpolating,

Two-step/Subranging and Pipelined converters).

2. Developed a passive charge-error-cancellation technique for switched-capacitor

integrators that enables implementation of a high-speed low-power passive (ampli-

fier-free) PN correlator.

3. Developed low-power digital techniques (low-parasitic timing shift-register chain,

local control signal generation, automatic state decoding by multi-tapping timing

chain, split-gate static-logic loads, double-latched PN generator chain and

bank-select clocking) to reduce dynamic power.

4. Demonstrated that a DS-CDMA baseband recovery integrated circuit, fabricated in

a 1.2µm double-metal double-poly CMOS process, which used analog processing
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prior to the A/D conversion is capable of operating at 128MS/s (I and Q channels at

64Mchips/s) with an output SNR of 46.6dB while dissipating 75mW.  This com-

pares favorably to the power of two ADC’s (I and Q channel) required for a digital

implementation.

1.3 Dissertation Organization

The ADC power analysis for high-speed A/D converter architectures is carried out in

Chapter 2.  The application of the resulting analysis to three high-speed communication

system examples can be found at the end of the chapter.  The DS-CDMA baseband recov-

ery system example is chosen as the demonstration-vehicle prototype.  Chapter 3 gives a

background description of the DS-CDMA system.  Chapter 4 covers design topics dealing

with implementation of PN correlators in the analog domain; specifically in the analog

sampled-data domain.  A description of the prototype vehicle is discussed in Chapter 5

which includes descriptions of low-power digital design techniques.  Chapter 6 presents

the experimental results measured from the prototype integrated circuit and concluding

comments are given in Chapter 7.

1.4 References

[1]. K. Nishimura, “Optimal Partitioning of Analog and Digital Circuitry in Mixed-Sig-
nal Circuits for Signal Processing,” Memo UCB/ERL M93/67, Univ. Calif., Berkeley,
July 1993.
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Chapter 2

Power Dissipation of 
  Analog-to-Digital Converters

The power dissipation of an analog-to-digital converter (ADC) is a function of many

variables, such as sampling rate (fS), resolution, architecture, process, voltage supply and

technology.  This chapter will attempt to establish the power dependence on sampling rate

and resolution as its primary goal.  To make this tenable, the scope of this task will be nar-

rowed in the following two ways:

1. Architectures:  Only those ADC’s suitable for use in high-speed signal processing

applications, i.e., capable of attaining high Nyquist sampling rates, such as Flash,

Two-step, Subranging, Folding, Interpolating and Pipelined architectures will be

considered.

2. Process:  Coverage will be restricted to high-integration capable IC processes such

as bipolar, BiCMOS and CMOS processes which allow embedding of the ADC

function in a monolithic signal processing chip.

Even with a narrower scope, only a first-order analysis is attempted in light of the many

variables that influence the power of an ADC.  With this first-order relationship estab-

lished between speed, resolution and power for an ADC, how system power varies as a
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function of architectural choices in the implementation of some high-speed signal process-

ing applications can be attempted.  These will be carried out at the end of the chapter.

2.1 High-Speed ADC Architectures

Before describing each architecture type, data gathered from published research of

these types of ADC’s is presented for reference.  In Fig. 2-1, the resolution of the ADC’s is

plotted against their sampling rate (fS) and organized by ADC type.  Two-step and Sub-

ranging ADC’s [1]-[12] are grouped together due to their similarity in operation and per-

formance.  Folding and Interpolating ADC’s [13]-[25] are also grouped together because

most implementations employ interpolation with their folding structures.  The other two

Figure 2-1 Empirical data from published research of ADC’s from 1987 to 1999.
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groups are Flash [26]-[37] and Pipelined [38]-[56] converters.

From Fig. 2-1, the trend from low-speed high-resolution to high-speed low-resolu-

tion converters is clear.  While Pipeline converters cover a large speed and resolution

range, they tend to dominate at the lower-speed higher-resolution end of the spectrum

while Flash converters dominate at the higher-speed lower-resolution end.  Two-step/Sub-

ranging and Folding/Interpolating converters fall in between.  The reason for this parti-

tioning will be clearer as each ADC type is discussed below.  It is interesting to note that

this trend line is fairly continuous despite the different ADC architectures and process

types (bipolar, BiCMOS and CMOS) of its constituents.

As noted in [57], this trend line represents the boundary for processing signals in the

digital domain, for monolithic silicon-based ADC’s, since functions requiring a higher

resolution or speed above this trend line must be processed in the analog domain.  The

movement of this boundary as fabrication technology evolves and improves, can be

roughly shown by a re-grouping of the data points by technology (see Table 2-1) as illus-

trated in Fig. 2-2.  Each group encompasses about four years of fabrication technology

TABLE 2-1 Technology Grouping Ranges

CMOS
Lmin (µm)

BiCMOS
fT (GHz)

Bipolar
fT (GHz)

Newest technology x ≤ .7 10 ≤ x 11 ≤ x

Old technology .7 < x ≤ 1.1 6 ≤ x < 10 6 ≤ x < 11

Older technology 1.1 < x x < 6 x < 6
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evolution.  An estimate from linear regression and graphical analysis of this data, suggests

that for a given resolution, the speed (fS) increases by roughly 50% in four years, alterna-

tively, for a given speed, the resolution increases by roughly half a bit in four years.  

2.2 Flash A/D Converters

Each of the high-speed architectures covered in this chapter, has evolved from the

Flash ADC architecture.  The Flash ADC, which is the simplest and the fastest of all the

converters, is shown schematically in Fig. 2-3.  In this 3-bit example, the input voltage is

compared simultaneously to voltage steps created by the resistor-ladder network.  This

creates a thermometer code at their outputs when the comparators are strobed by the sam-

Figure 2-2 ADC performance improvement with technology evolution.
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pling clock.  The thermometer code is then converted to a binary code by the encoder’s

combinational logic.  It is the parallel nature of the comparisons that permits the high sam-

pling and conversion rate, but which also limits the resolution of the Flash, as the size of

the converter quickly becomes unmanageable due to its exponential growth (a factor of 2

for each additional bit) dependence.

With any parallel input structure, input impedance or loading degrades the input

bandwidth and requires a high drive-capable signal source.  To remedy this situation, a

Figure 2-3 Simplified schematic of a Flash ADC (3-bit example).
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sample-and-hold amplifier may be required.  However, the power necessary for such an

amplifier, with high linearity, wide bandwidth and high drive capability, can be severe.  So

while there are other problems associated with high resolution Flash converters, such as

reference ladder errors, kick-back noise and metastability [60], the dominant reasons that

limit its resolution are high power, large silicon area, degradation of SNDR1 and input

loading problems.  Thus the Flash converter can be very fast, but remains a low resolution

converter.2

2.2-1 Power versus resolution

To a first order, the power of a Flash converter, with its parallel structure,  increases

as a power of 2 for each bit of resolution.3  Note that, this is an underestimate and over-

simplification, that omits any additional power needed for more accurate comparisons

(low offset voltage comparators with higher degree of settling) at higher resolutions, and

thus, errors on the side of the Flash converter.  But it will help keep the complexity of the

analysis reasonable.

To evaluate the power-versus-speed trade-off, it will be necessary to partition the

discussion by fabrication type; bipolar, BiCMOS and CMOS processes.

1. See Appendix A.

2. Flash implementations often take advantage of being in the low resolution realm; using small, fast com-
parators with large offsets, fast open-loop amplifier stages with low linearity and front-ends without a
sample-and-hold (S/H) amplifier, all of which optimize the power-speed trade-off.

3. Assuming no sample-and-hold amplifier power.
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2.2-2 Power versus speed (bipolar process)

In this chapter, the terms speed and sampling rate (fS) are used interchangeably.

What is meant by speed or sampling rate is the highest processing rate possible under a

given set of operating conditions.  So in this context, how power scales with speed is not

simply finding the power at a lowering the sampling rate for a given design, but rather,

determining the lowest possible power for a given sampling rate and ADC architecture.

With this criterion established, the first fabrication type to be considered is the bipolar pro-

cess.

Most bipolar Flash converters have three main power consuming circuits; a resistive

reference ladder, a bank of comparators and digital encoding logic.  The typical bipolar

comparator is composed of a front-end preamplifier and latch (see Fig. 2-4).  The gain of

the preamp reduces the input referred offset voltage due to the latch, while the latch’s pos-

itive feedback increases its gain and, thus, its switching speed.

Pre-amp stage:

In a first order analysis, the switching speed of the simple diff-pair preamp stage is

dictated by its exponential output response (via R and Cp
1).  The value of R is dependent

on the bias current (Io) and the small-signal gain, ao, by the following equation:

(2 - 1)

1. Cp represents the total (parasitic) capacitance at the output node.

ao gm R⋅
Ic R⋅
VT

------------
Io R⋅
2 V⋅ T
--------------= = =
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or rearranging:

(2 - 2)

where VT is the thermal voltage .  The small-signal gain is usually set by the

amount of input-referred offset voltage that can be tolerated for a given converter resolu-

tion.  Equation (2 - 2) exhibits the inverse relationship of R and Io for a given ao.

Relating this to sampling rate (fS), the time it takes the preamp to respond with

respect to the sampling period (TS = 1/fS) depends upon its time constant (τpre = R⋅Cp) so

that the following can be derived (for a desired, fixed ao):

Figure 2-4 Bipolar comparator: preamp (Q1 & Q2) feeds latch (Q3 & Q4).
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(2 - 3)

where the K’s are proportionality constants1, Vcc is the supply voltage and PA is the power

of the preamp stage.  From (2 - 3), power is proportional to speed for a given parasitic

capacitance and fixed gain (ao) and supply (Vcc).  It is interesting to note that (2 - 3) can be

rearranged as:

(2 - 4)

which has the same form as the familiar CMOS dynamic power equation, P = CV2f. 

Latch stage:

The latching speed is related to the dominant pole, pdl (or equivalently the time con-

stant, τdl = 1/pdl), and the low frequency gain, aol, of the cross-coupled amplifiers, Q3 and

Q4.  The latching speed is measured in terms of the latch regeneration time, TL, which

from [60], is:

(2 - 5)

where vouti is the initial value of vout, determined by the preamp at the moment when the

sampling clock switches the comparator from the preamp to the latch state, and voutf is the

1. Throughout this chapter constants will be represented by Kα, where α is any alphanumeric subscript.

fS
1

TS
------

KA1

τpre
----------

KA1

R Cp⋅
--------------

KA2 Io⋅
VT Cp⋅
-------------------= = = =

KA2 PA⋅
VT Cp Vcc⋅ ⋅
-------------------------------=

PA KA3 Cp VT Vcc fS⋅ ⋅ ⋅⋅=

TL

τdl

aol 1–
----------------

voutf

vouti
-----------

 
 
 

ln=
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voltage value needed to qualify as a valid logic level by the encoder that follows the latch.

From (2 - 5), for a given , TL is:

(2 - 6)

where fu is the unity-gain frequency and where the last two equalities assume a single-pole

response for Q3 and Q4 [61].  Thus, ignoring the dependence on  for the moment,

latching speed is related to fu, or equivalently, gain-bandwidth ( ) in the single-pole

case.  However, the value of  affects the value of TL dramatically, especially for

very small values of vouti when metastability dominates the response [60].  Despite this

complication, vouti is a function of the preamp gain1, and for a given level of metastability

tolerance, these factors are fixed so (2 - 6) is still generally valid for our power derivation.  

The latch time has to occur within half the sampling period so the following sam-

pling rate to power relationship can be derived using (2 - 6):

(2 - 7)

Again as in the preamp case, power is proportional to speed2 so by manipulating (2 - 7),

1. Higher preamp gain decreases the metastability problems.

2. It must be noted that since the same bias current powers the preamp and latch, it is more correct to show
both the preamp time constant and latch time as a function of the power.  Fortunately they both have the
same linear dependence on power.

voutf

vouti
----------- 

 

TL

τdl

aol 1–
----------------∝ 1

aol pdl⋅
-------------------

Cp

gm
------

1
2πfu
-----------= =≅

voutf

vouti
----------- 

 

aol pdl⋅

voutf

vouti
----------- 

 

fS
1

TS
------

KA4

TL
----------

KA5 gm⋅
Cp

---------------------
KA5 Io⋅
VT Cp⋅
-------------------= = = =

KA5 PA⋅
VT Cp Vcc⋅ ⋅
-------------------------------=
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the equation for PA will again have the same form as the CMOS dynamic power equation.

Resistor reference ladder:

The resistor reference ladder’s power is dependent on the value for each resistor sec-

tion.  For reasons of kick-back noise and settling time (see [60]), the time constant of the

resistor sections1 and tap capacitance must be proportional to the desired sampling period.

Assuming that the reference voltage and power is being supplied on-chip, the following

speed-power relationship can be made:

(2 - 8)

(2 - 9)

(2 - 10)

(2 - 11)

Like the comparator, the result is: power is proportional to speed.

Digital encoder logic:

Lastly, for the digital encoder logic, emitter-coupled logic (ECL) or some variant is

usually employed.  Since ECL logic uses diff-pair gain stages, it is very similar to the

1. Though this is not precisely accurate, since the time constant in question is a function of more than just
one resistor section, the trend is still correct and sufficient for this analysis.

Iref

Vref

n Rtap⋅
------------------=

PB Iref Vcc⋅=

fS
1

TS
------

KB1

Rtap Ctap⋅
---------------------------

KB2 Iref⋅
Vref Ctap⋅
--------------------------

KB2 PB⋅
Vcc Vref Ctap⋅ ⋅
---------------------------------------= = = =

PB KB3 Ctap Vcc Vref fS⋅ ⋅ ⋅ ⋅=
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comparator’s preamp gain stage and the speed-power trade-off is the same.  So in sum-

mary, for a bipolar Flash converter: power is proportional to speed. 

2.2-3 Power versus speed (BiCMOS process)

BiCMOS Flash converters use the same comparator topology as its bipolar counter-

part, due to the high gain and low input-referred offset characteristics of bipolar devices,

and thus achieve the same power-speed relationship.  However, the digital encoder logic

can use lower power CMOS circuits, when they are fast enough.  Whether bipolar ECL or

CMOS circuits are used, the same CV2f-type relationship holds so again power is propor-

tional to speed.1

2.2-4 Power versus speed (CMOS process)

CMOS Flash converters differ from the previous converters mainly by the type of

comparator circuits that are used.  This stems from the fact that MOS transistors have

poorer transconductance characteristics than bipolar transistors.  This leads to larger

input-referred offsets and slower latch times of circuit with lower gain (see (2 - 5)).  To its

advantage, MOS technology’s inherent capacitor-sampling capabilities can be used to

auto-zero the large offset voltage during a calibration cycle.  

CMOS comparators fall into two different categories; auto-zero chopper inverters

and master-slave dynamic latches.  

1. This is not precisely correct for digital CMOS circuits as will be shown in the next section.
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Chopper-inverter comparator:

Fig. 2-5 is a simplified schematic of a auto-zero chopper inverter comparator.  The

preamplifying function is performed by the inverter chain which feeds a D-type flip flop

that serves as the latching function.  When the clock, φ, is high, the CMOS inverter’s

inputs are shorted to their outputs placing them in a linear amplifier mode where both

NMOS and PMOS transistors are turned on and their input/output voltage set precisely to

the inverter’s switching threshold (auto-zero cycle).  At the same time Vref is sampled onto

the first (input) capacitor.  In the opposite clock phase, vin is connected to the input capac-

itor and the inverter chain amplifies the difference between Vref and vin and feeds the result

to the latch.  On the rising edge of φ, this result is captured and held by the latch for the

subsequent encoding section.  The low gain of the MOS transistor is compensated by the

cascade of inverter gain stages.  Any static offsets due to inverter or device type mis-

matches are cancelled automatically during the auto-zero cycle.

There are a number of disadvantages with this circuit that are worth mentioning.

Foremost, the single-ended nature of this comparator makes the comparison susceptible to

power supply and substrate noise, causing sparkles in the thermometer code [60].  There is

a large current spike during the auto-zero cycle as both NMOS and PMOS transistors are

Figure 2-5 Auto-zero chopper inverter CMOS comparator (three inverter example).
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turned on which causes supply and ground bounce as well as high power dissipation.  The

cascaded stages, needed to boost the overall gain, create a propagation delay that limits the

speed of the converter.

For optimum drive capabilities and propagation characteristics, the inverters are usu-

ally scaled up as they go down the chain.  In addition to the normal CV2f dynamic power,

the comparator dissipates static power during the auto-zero cycle via the bias current

which is set by the size of the inverter’s transistors.  Since the bias current and the parasitic

capacitance both scale with transistor size, only a fractional increase in speed is obtained

for a given increment in power.  The relationship between the speed of the inverter chain

and its power is derived to be (see Appendix A):

(2 - 12)

where KC1 and KC2 are constants, Cm is the inter-stage metal capacitance and τmin is the

minimum time constant of a linear (inverter) gain-stage in the limit as the power

approaches infinity (see Appendix A for details).  From (2 - 12), unlike the bipolar com-

parator, the power of a CMOS chopper-inverter comparator is not proportional to speed

but increases asymptotically to infinity as fS approaches fS(max) given (in Appendix A) by:  

(2 - 13)

The significance of this power trend can be viewed both positively and negatively.  From

PC

KC2C
m

VGS Vt–( )Vdd fS⋅

1 KC1fSτ
min

–
----------------------------------------------------------------=

fS max( )
1

KC1τ
min

----------------------≡
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the view point of increasing power to obtain faster circuit operation, a CMOS converter

would require a disproportionately higher power increment than its bipolar counterpart.

Alternatively, if slower circuit operation is allowed by a given ADC architecture, the

incremental power would be disproportionately less, potentially resulting in significant

power savings.1  In Appendix A, it is also pointed out that the break-even point occurs

when the total intrinsic parasitic capacitance equals the total external parasitic capacitance

at the output node.  Thus comparator speed can be increased somewhat proportionately

with power increase (via increases in transistor width) until this optimum-power, Popt,

breakpoint is reached.  However, further power/width increases will result in diminishing

speed improvements.

Master-slave dynamic latch comparator:

There are many slight variations to the master-slave dynamic-latch comparators that

are used in the other category of CMOS Flash converters.  Fig. 2-6 is one variant that

encompasses the main features of this type of comparator [33]2.  The first stage is a

CMOS version of the bipolar comparator of Fig. 2-4 with a preamp (M1 and M2) multi-

plexed with a (master) latch (M3 and M4).  This feeds a pipelined slave stage which is a

dynamic latch made up of M7−M15.  Due to the lower transconductance of MOS transis-

tors, CMOS converters are not as fast as bipolar or BiCMOS Flash converters.  However,

1. The caveat is that once the transistor sizes reach a minimum, the power will also reach a minimum and
remain constant, assuming that the auto-zero cycle stays set to half the sampling period, as the sampling
frequency decreases.  From this point further power savings can be realized by setting the auto-zero
period constant thereby reducing its duty cycle as the sampling frequency decreases.

2. The first stage loads are diode-connected transistors that are modeled as a resistor (R) for simplicity.
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by exploiting the advantages of CMOS technology through the use of dynamic latches and

digital logic, lower power CMOS converters are possible for lower sampling or higher res-

olutions.  

Another advantage of CMOS technology is the availability of near-ideal switches

(such as transistors M13, M14 and M16 in Fig. 2-6) which can be used to short the output

nodes to improve the overload-recovery time.  Besides dissipating no static power, the

dynamic slave latch generates rail-to-rail outputs for interfacing to the digital CMOS

encoder logic.  Unfortunately, dynamic latches suffer from large input offset voltages due

to the large Vgs value as the latch is energized [60] which dictates the need for offset can-

cellation techniques if medium-to-high resolution is desired.

Figure 2-6 CMOS master-slave comparator with a dynamic slave latch.
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The analysis of the power-speed relationship for the first stage can proceed in a sim-

ilar manner to that for the bipolar comparator of Fig. 2-4.  Long-channel equations will be

used since the short-channel criterion, (Vgs-Vt) >> (Esat⋅L), is usually not satisfied with

analog-type circuits such as the preamp/master-latch stage.  A relationship between the

load (R), the small-signal gain (ao) and bias current (Io) follows the derivation of (2 - 1):

(2 - 14)

which is useful if (Vgs−Vt) remained constant independent of bias current (and power)

change.  This case is true only if the current density, , remains constant, i.e., the tran-

sistor size scales with the bias current.  When this is not true, the other limiting case to

consider is when the transistor size remains constant while the bias current changes.  In

this case, the alternative formula for gm can be used in (2 - 14):

(2 - 15)

[constant current density case]

Consider the first case of constant current density.  From the previous bipolar analy-

sis, the power for both the preamplifier and master latch, as a function of sampling rate,

can be shown to be:

(2 - 16)

where KD1 is a constant dependent mainly on upon settling characteristics, i.e., metastabil-
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ity tolerance, and small-signal gain, ao.  The parasitic capacitance at the output node, Cp1,

is made up of the capacitance from the transistors (M1-M4, M7, M8 and M16) and metal

trace capacitance.  Since the sizes of M1-M4 scale with bias current, their contribution to

Cp1 increases with increasing power, i.e., Cp1 is a function of the power.  Thus:

(2 - 17)

where Cp1f and Cp1s are the fixed and scaled portions of Cp1, respectively.  Cp1s includes

the power dependence and when combined with (2 - 16), yields the following (from

Appendix A):

(2 - 18)

where fSmax is given by:

(2 - 19)

Notice that (2 - 18) has the same form as the power equation for the chopper-inverter com-

parator, equation (2 - 12), and is characteristic of circuits whose power varies proportion-

ately with transistor width and, hence, intrinsic parasitic capacitance.  Thus, again the

same optimum-power breakpoint condition exists when Cp1f and Cp1s are equal.  In terms

of sampling rate, for frequencies much lower than fS(max), the power is directly propor-

tional to fS, and as the sampling frequency approaches fS(max), the power increases asymp-
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totically to infinity as (2 - 18) indicates.  

ρ is somewhat independent of transistor sizing, since both the numerator and denom-

inator approximately scale with the transistor width (W), and ranges from .5 to 2 depend-

ing on process technology.  And since KD1 includes the small-signal gain (ao), fS(max) is an

order of magnitude lower than the device fT.  From Appendix A (for long-channel opera-

tion):

(2 - 20)

indicating that by increasing the current density, fS(max) can be increased, albeit in a square

root manner, supporting the intuition that smaller devices for a given power will improve

speed (at the expense of headroom because of the larger (Vgs−Vt)).

A by-product of maintaining a constant current density while increasing the power,

is the increase in input capacitance imposed by the gates of M1 and M2.  In addition to

increasing the loading on the input signal source, it also presents a larger parasitic capaci-

tance to the reference ladder.  This increase in capacitance must be compensated by a

reduction in the ladder segments resistance, to limit the settling response of a kick-back

impulse, thereby increasing the ladder power.  From (2 - 11), the power in the resistor lad-

der is:

fT
µ Vgs Vt–( )

2πL
2

--------------------------=

µ

2πL
2

-------------
2L
k '
------

Id

W
-----⋅⋅=



2.2 Flash A/D Converters 25

(2 - 21)

and since Ctap is a function of the power in the first stage, from (A - 35) in Appendix A:

(2 - 22)

so that the ladder power becomes:

(2 - 23)

which increases much faster than the power in the first stage with increasing fS.

[constant transistor size case]

The second case to consider is when the transistor sizes stay constant and only the

bias current changes.  In this case, Cp1 is constant and following the previous derivation of

(2 - 1) through (2 - 4) using (2 - 15), yields:

(2 - 24)

where the constant KF1 incorporates the fixed small-signal gain, ao, and transistor size,

.  So for constant transistor sizes the power increases by the square of the sampling rate

which can be traced back to the transconductance’s square root dependence on bias cur-

rent (see (2 - 15)).  
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[dynamic slave latch]

The second stage slave latch dissipates only dynamic power when it is energized.

From [60], the regeneration time constant, τreg, for this type of latch is given by:

(2 - 25)

where gm9 is the transconductance of M9 (or M10) and gm11 is that of M11 (or M12).  For

this dynamic latch, (Vgs-Vt) is a function of Vdd, i.e., fixed, and like the chopper-inverter

comparator, the power is a function of transistor W.  Since Cp2 can be split into a portion

that scales with W and a portion that is fixed and/or dependent up the load (Cp2f), the

power-speed relationship will be similar to the chopper-inverter comparator and will have

the form:

(2 - 26)

where Cp2f is composed of metal interconnect capacitance and the loading of the digital

encoder logic that follows.

Power-speed relationship of digital CMOS circuits:

The well-known power-speed relationship of digital CMOS circuits is given by:

(2 - 27)

where Ceff is the total effective capacitance that is being switched at fS.  As before, Ceff can

τreg
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be partitioned into a part that scales with transistor W and a part that is fixed.  Since

(Vgs-Vt) is equal to (Vdd−Vt), the current density is fixed1 and thus the charging and dis-

charging currents are proportional to the widths of the transistors.  For CMOS digital

gates, the propagation delay, tpd, is approximately:

(2 - 28)

where Co is the capacitance load at the output of the gate.  The maximum switching fre-

quency, fsw(max), is the inverse of twice the propagation delay , so:

(2 - 29)

(2 - 29) indicates that switching speed is directly related to the drain current, and thus also

to transistor width.  Appendix A shows that with (2 - 27) and these three conditions: (1)

capacitance with a fixed portion and a portion that scales with device size, (2) constant

device current density, and (3) speed of operation directly proportional to current, the

power is:

(2 - 30)

which has same form as previous CMOS circuits that also satisfied the above three condi-

tions.

1. See Appendix A.
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2.2-5 Flash converter summary

By their parallel nature, the power dissipated by a Flash converter increases by the

number of quantization levels desired.  So to a first order, power increases exponentially

as a power of two for every additional bit of resolution.

The relationship between power dissipation and sampling rate depends upon the pro-

cess used and the method used to vary the circuit speed.  When a bipolar or BiCMOS pro-

cess is used, a bipolar transistor is used in the comparator.  Since the gm is independent of

device size and proportional to bias current, the comparator power is directly proportional

to sampling rate.  When the encoder is implemented with bipolar transistors, its power is

also directly proportional to sampling rate.  In the case of a BiCMOS encoder which uses

digital CMOS circuits, its power is asymptotic as described below.  For a constant tap

capacitance, the power for the reference ladder is also proportional to sampling rate.

For CMOS circuits with constant device sizes, the power of a linear-type amplifier

comparator (as in Fig. 2-6) increases by the square of the sampling rate.  For most other

CMOS circuits, where the transistor drive voltage (Vgs-Vt) is fixed (either by designing to

a fixed current density or by some voltage constraint such as Vdd) and the speed of the cir-

cuit is proportional to the driving current (either static or dynamic), then power is of the

form:

(2 - 31)P
Cfixed Vgs Vt–( )⋅ Vdd fS⋅

1 fS fS max( )⁄–
---------------------------------------------------------------=
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where Cfixed is the fixed extrinsic capacitance (any capacitance that does not scale with

transistor width, internally or off-chip) and fS(max) is some factor (4 to 50) lower than the

device fT.  When fS is much lower than fS(max), the power is directly proportional to fS.

This occurs when the intrinsic capacitance (Cscaled), which scales with transistor W, is

much smaller than Cfixed.  When Cscaled is much larger than Cfixed, the asymptotic behav-

ior of (2 - 31) takes over as fS approaches fS(max).  In this regime, power increase results in

a diminishing increase in fS and is inefficient from a power utilization standpoint.  The

transition or break-even point between these two regimes occurs when Cscaled equals

Cfixed.  In a power-speed efficiency sense, this is the optimum power point, Popt.

2.3 Folding / Interpolating A/D Converters

All the derivative converters address the per-bit exponential growth problem of

Flash converters by partitioning the single-step parallel approach into a coarse-fine seg-

mented or a coarse-fine multi-step approach.  The motivation behind this strategy is the

realization that most of the comparators in a Flash converter do not contribute to the con-

version result, thus wasting area and power.  Only those few, whose comparisons are near

the input signal value, determine what the final conversion value will be, so a coarse-fine

approach decreases area, power and complexity of the non-Flash converter, and/or permits

conversions at higher resolutions, at the expense of lower conversion rates. 

2.3-1 Folding converters

The folding technique started out as a way of "folding" the input signal range into
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smaller repeating ranges much like modulo arithmetic (see Fig. 2-7(a)).  In the 4-bit ADC

example of Fig. 2-7, the input signal is folded into four equal regions.  Only 3 comparators

are needed to decode any of the 2 least-significant bits (LSB) of a region.  Three additional

comparators are used to identify in which region the signal lies, to resolve the 2 most-sig-

nificant bits (MSB).  In this way only 6 comparators are needed instead of 15 for a Flash

converter.  For implementation reasons, the folds for regions 2 and 4 are commonly gener-

ated symmetric to regions 1 and 3, respectively, as shown in Fig. 2-7(b).  

Problems generating the desired transfer function of Fig. 2-7(b) with adequate band-

width and linearity led to a modification that relies only on accurate zero-crossing wave-

Figure 2-7 Folding transfer function (4X folding example); (a) theoretical, (b) practical 
(ideal) realization.
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forms (see [20] and [13]).  The most common way of implementing the folding transfer

function is by cross-coupling several diff-pair stages as shown in Fig. 2-8.  The actual

characteristic (vpo+) differs from the straight-line ideal characteristic and would cause out-

puts from comparators 1 and 3 to introduce non-linear errors in the digital output codes.

However, the zero-crossing point of the differential output (vpo+ minus vpo−) exhibits no

Figure 2-8 A "4 times" CMOS folding block;  (a) schematic, (b) transfer characteristics, 
(c) cyclic-thermometer code and transfer curves of folding blocks for comparators 1 and 3.
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error regardless of amplitude or slope variations of the transfer characteristic, i.e., the out-

put of comparator 2 will be insensitive to process and circuit bandwidth variations.  By

adding two more folding blocks offset one-quarter of a region before and after the previ-

ous (comparator 2’s) folding block, error-free outputs from comparators 1 and 3, respec-

tively, are possible.1  

The three MSB comparators would use taps Vr4, Vr8 and Vr12 to decode the four

regions.  This modified folding converter would require 12 preamp (diff-pair) stages and 6

comparators as opposed to 4 preamp stages and 6 comparators in the original folding con-

verter or 15 comparators in a full 4-bit Flash converter.  From a power perspective, the

preamp stages in the folding block consume more power than a comparator at a given

speed for two reasons; (1) the output node capacitance of the folding block is about 

times larger due to the n preamp stages in a "n times" folder,2 and (2) the bandwidth of the

folding block needs to be about  times higher than a comparator from the 

times input signal frequency multiplication by the folding action.  So assuming that gm is

proportional to Io implies an increase in Io by a factor of  for the folder to match

the comparator’s bandwidth.  These two reasons are largely responsible for the lower

speed of Folding converters versus its Flash cousin.  However Folding converters are gen-

erally faster than the other coarse-fine converters because the MSB and LSB A/D conver-

sions can be done in parallel rather than in sequence as in the other converters (see

1. Comparator 1’s folding block would be connected to reference taps Vr1, Vr5, Vr9 and Vr13 while compar-
ator 3’s block would be connected to Vr3, Vr7, Vr11 and Vr15.

2. If there is enough headroom, a cascode stage can be added to eliminate this problem as in [17].

n 2⁄( )

n 2⁄( ) n 2⁄( )

n 2⁄( )2
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Fig. 2-9).

For the sake of comparison, assume that the folder’s preamp stage consumes the

same amount of power as a comparator, making it possible to see how Folding converter

configurations and a Flash converter stack up to one another.  Let a preamp or comparator

represent one power load (PL).  Then an "n times" folding block represents (n+1) power

loads.  From the prior description of the modified Folding converter, an (m+l)-bit con-

verter with m MSBs and l LSBs, requires (2m−1) MSB comparators (cmps), 2m times fold-

ing per block and (2l−1) folding blocks and LSB comparators.  The 2m times folding block

requires (2m+1) PLs due to the extra current source needed to set the initial output value.

Table 2-2 tabulates the power loads for various configurations.  

It is clear from Table 2-2 that the modified Folding converter consumes more power

and is slower than a regular Flash converter, so aside from possibly a slight area advan-

tage, there seems to be little reason for using a Folding converter.  The original Folding

architecture did have an advantage in area and power but it suffered from distortion in

generating a precision folding characteristic.  Moving to the modified Folding architecture

Figure 2-9 Conceptual block diagram of a Folding converter.
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solved the distortion and precision problems but resulted in a degradation in bandwidth

and power performance.  To improve the performance of the modified Folding converter,

interpolation is used to generate half or more of the folded waveforms.

2.3-2 Interpolation technique

In the 4-times Folding converter example of Fig. 2-8, if a differential waveform was

generated by taking the average of the differential outputs from the comparator 1 and 3

folding blocks, its zero-crossing would coincide exactly with the differential outputs of the

comparator 2 folding block.  Since only the zero-crossing point is important, this interpo-

lated waveform could replace the comparator 2 folding block waveform, allowing its

removal.  Although in this case only one block is eliminated, in the case of 8-times fold-

ing, 3 of 7 blocks could be removed using interpolation, thus approaching a saving of half

the power and area as the number of folds increases.  Ignoring the overhead due to interpo-

TABLE 2-2 Power loads

MSB/LS
B

PLs for 
MSB 
cmps

PLs per 
folding 
block

# of 
folding 
blocks

PLs for 
LSB 
cmps

Power 
Load 
totals

4-bit Flash 15

4-bit Folder 2/2 3 5 3 3 21

" 3/1 7 9 1 1 17

6-bit Flash 63

6-bit Folder 3/3 7 9 7 7 77

" 2/4 3 5 15 15 93

" 4/2 15 17 3 3 69

" 5/1 31 33 1 1 65

8-bit Flash 255

8-bit Folder 4/4 15 17 15 15 285
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lation, the PL for the 4-bit 2/2 case would decrease from 21 to 16, the 6-bit 3/3 case from

77 to 50 and the 8-bit 4/4 case from 285 to 166, yielding a more favorable power perfor-

mance than for a Flash converter.  For this reason, most Folding converter use the modi-

fied architecture for low-distortion coupled with interpolation to reduce the power and

area.

The interpolation technique in its simplest form can be realized by buffering the out-

puts of two folding blocks and driving a resistor divider to obtain the interpolated signal at

its midpoint [60].  An interpolation factor higher than two can be implemented by increas-

ing the number of taps of the resistor divider but some distortion in the zero-crossings of

all but the midpoint will have to be tolerated (increasing the non-linearity of the con-

verter).

2.3-3 Power versus resolution

It is hard to generalize or formulate a relationship between power and resolution for

Folding/Interpolating converters because of the multiple degrees of freedom (amount of

folding, power compensation (for bandwidth multiplication), interpolation, etc.) that

exists when changing the converter resolution.  However, by examining the above results

for the restricted case of an interpolation factor of 2, the power increase per 2-bits increase

in resolution is less than 4 (as in a Flash) but more than 3.

2.3-4 Power versus speed

Only a qualitative description will be given for this category of converters.  The fact



2.4 Two-step and Subranging A/D Converters 36

that the folding blocks use the same diff-pair preamp stage as the comparator in a Flash

converter, to a first order, the power-speed relationships should follow those of the Flash

converters (bipolar, BiCMOS and CMOS).  It appears that Folding architectures can be

the fastest converters next to Flash converters but also power consumption of the same

order as them.

2.4 Two-step and Subranging A/D Converters

Two-step and subranging converters perform a coarse flash conversion to determine

the most-significant bits and incorporate this information in the subsequent fine (LSB)

conversion process.  Two-step converters use the MSB information to reconstruct a quan-

tized version of the signal which is subtracted from the original signal, effectively translat-

ing it to a fixed sub-range of the reference voltage and bank of LSB comparators (see

Fig. 2-10(a)).  Subranging converters use the MSB information to select one of 2MSB

sub-ranges of the reference voltage via a bank or network of switches effectively translat-

ing the LSB comparator bank to the selected sub-range (see Fig. 2-10(b)).  Because of the

two-step nature of each conversion, the input signal must be sampled and held to process

high frequency signals.

2.4-1 Two-step converters

A conceptual (M+L)-bit Two-step Flash requires only 2M-1 and 2L-1 comparators for

the coarse and fine Flash sub-converter blocks, respectively, as opposed to 2(M+L)-1 com-

parators for a full Flash implementation.  Thus Two-step converters can be of higher reso-
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lution than a full Flash without incurring its area and power penalty but its sequential

nature substantially reduces its speed.  Within one sample time, the Two-step must per-

form a coarse A/D conversion for the MSBs, reconstruct a MSB quantized analog signal,

subtract it from the original signal and perform a fine A/D conversion.  The duration of

this process is further aggravated by the subtraction step which usually requires a

closed-loop amplifier to perform a subtraction at the full precision of the converter.

Unlike the Flash or Folding converters that can use fast open-loop amplifiers, the speed of

Figure 2-10 Conceptual block diagrams of; (a) Two-step  and (b) Subranging Flash 
architectures.
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the Two-step (and Pipelined) converters are limited by the need to use low-bandwidth

closed-loop amplifiers.

A couple of enhancements can be added to the Two-step architecture which eases its

design and improves its overall power and performance.1  The first enhancement is having

extra comparators in the fine Flash block that extends its coverage, creating overlaps in

adjacent coarse (MSB) regions.  In this way, offset or settling time errors made by the

coarse comparators can be detected by the extra comparators and corrected using digital

logic.  This is called digital correction.  By relaxing the offset and settling requirements of

the coarse comparators, smaller devices and less power can be used.  However, the fine

comparators along with the DAC and subtractor circuits still need the precision required

by the full resolution.  The second enhancement is to insert a gain stage between the sub-

tractor and fine Flash sections.  By gaining up the residue signal, the offsets of the fine

comparators can be relaxed.  The gain function can usually be integrated into the subtrac-

tion function with little cost in power; however, a proportional penalty in bandwidth is

usually incurred as a result of a constant gain-bandwidth product.

2.4-2 Power relationships of a Two-step converter

The relationships between power and resolution or speed for a Two-step follows

closely those of the Pipelined converter due to their similarity in architecture; so this dis-

cussion is postponed to that section.

1. For a more detailed description see [60] or [58].
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2.4-3 Subranging converter

The Subranging converter is an attempt to shorten the conversion time by eliminat-

ing the closed-loop operational amplifier (opamp) block needed for the precision subtrac-

tion process.  Unfortunately the settling time of the switch-matrix network and nodal

capacitances compromises this attempt.  One implementation [12], uses a dual DAC

method to generate the desired sub-range, eliminating the switch-matrix settling problem.

Recent Subranging converters have exploited the no-opamp architecture to optimize the

power rather than the sampling rate with very good success [9], [10].

Like Two-step converters, digital correction can be used to relax the precision of the

coarse comparators, thus saving power for the high-resolution implementations where

these converters are used.

2.4-4 Power versus resolution

The number of comparators increases as  for an B-bit converter.  With dig-

ital correction the coarse comparator’s accuracy is relaxed but the fine comparators still

need accuracy to the full resolution  of the converter.  If offset voltage is the main

inaccuracy, then input device area needs to be increased in inverse proportion to the

required precision, increasing power of the fine comparators in a square fashion.  Alterna-

tively, some offset cancellation technique can be used (with some timing and speed

impact), increasing power only by the extra circuitry needed to do the cancellation.  The

switching-matrix voltage reference will add power similar to that required by the refer-

ence ladder for a full Flash converter.

2
B 2⁄ 1+( )

1 2
B⁄( )
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2.4-5 Power versus speed

The coarse and fine Flash comparators would follow the same relationship as those

for the full Flash converter.  The power relationship of the buffer amplifiers in the switch-

ing matrix that drive the fine reference taps should also follow those of the diff-pair stages

developed in the full Flash converter section.  The power of the resistor ladders in the

switching-matrix should also follow the same characteristics as those in the Flash section.

2.5 Pipelined A/D Converters

The Two-step converter’s speed limitation is imposed by having to complete all the

conversion tasks (coarse A/D conversion, D/A conversion, subtraction, possibly amplifi-

cation and fine A/D conversion) within one sampling period.  The Pipelined ADC archi-

tecture breaks this limitation by adding a S/H block as shown in Fig. 2-11(a) allowing the

tasks to be pipelined.  Now the results from the coarse and fine conversions are

out-of-sync with each other so the coarse result is delayed one clock period1 through a

latch before being digitally corrected and merged with fine conversion result.  Thus pipe-

lining trades off latency for throughput (speed).  Adding more stages does not affect the

throughput so a generalized multi-stage pipeline architecture (Fig. 2-11(b)) can be realized

which allows flexibility in the trade-off of bits-resolved-per-stage versus the amount of

latency through the converter.

1. With two-phase clocking, it is possible to pipeline at half the clock period, reducing the latency by a fac-
tor of 2 (see [63]).
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2.5-1 Relaxed accuracy benefit

An advantage of a multi-stage pipelined ADC over the Two-step converter in terms

of increasing resolution is the role of the amplifier blocks.  As in the Two-step converter,

the gain stage relaxes the accuracy requirements of the fine comparators.  Likewise each

gain stage in the Pipelined converter relaxes the requirements progressively as one pro-

ceeds down the pipeline.  But whereas half the circuits (those in the first stage) have to be

accurate to the full precision of the Two-step converter, a smaller percentage of the circuits

Figure 2-11 Pipelined ADC’s; (a) two-stage, (b) multi-stage.
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(again those in the first stage) have to have full precision for the Pipelined converter.  For

example, a 10-bit pipelined ADC can be implemented in 5-stages with each stage resolv-

ing 2-bits (assume no digital correction).  Then the amplifier of each stage would have a

gain of four.  After the first stage resolves its 2-bits and gains up its residue by four, the

rest of the converter (second stage and on) can be viewed as an 8-bit pipelined converter

where its accuracy requirements are reduced by a factor of four.  From each stage on, the

resulting converter needs 2-bits less precision than the preceding one.  This can signifi-

cantly reduce the power requirements by progressively relaxing the design of each suc-

ceeding stage.  The first stage flash ADC, DAC, subtractor, amplifier and S/H blocks have

to be accurate to the full resolution of the converter but they compose only 20% as

opposed to 50% of the circuits in the Two-step.  

In terms of power per bit-of-resolution; while adding another stage to a Pipeline to

increase the resolution does not impact the speed (throughput) at all, the additional stage

cannot be tacked-on at the end of the chain but rather must be added to the front of the

chain; and as the new first stage, it requires more power and precision (at the new higher

resolution) than the old first stage.  

2.5-2 Merged DAC, subtraction, amplification and S/H functions

Adding an analog S/H function may seem expensive in terms of power, settling time

and accuracy but if MOS technology is used, with its inherent sampled-data capability, the

S/H function is included automatically.  With CMOS (or BiCMOS) technology the D/A

conversion, subtraction, gain and S/H functions can all be merged into one opamp circuit
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as shown in Fig. 2-12.  This figure is an example of a single-ended implementation for a

switched-capacitor (SC) integrator with a closed-loop gain of eight.  For the DAC function

it uses a capacitive reference ladder1 instead of a resistive ladder to avoid static power

consumption.  Using non-overlapping two-phase timing, the sampling capacitors

(CS0-CS3) are charged to the input signal, vres(n), and the feedback capacitor (Cf) is reset

(discharged) during the sampling phase (φ1).  In the integrate-and-hold phase (φ2), the

sampling capacitors are connected to either ground or Vref depending on the result of the

3-bit flash conversion (ADCout) while the opamp computes the result.  It can be shown

that after the opamp settles to its final value, the resulting gained-up residue (vres(n+1)) is:

Figure 2-12 CMOS SC integrator implementation of DAC-subtractor-amp-S/H functions 
(gain-of-eight example); (a) schematic, (b) conceptual single-ended circuit.

1. Capacitive references use a charge-redistribution scheme [62] which dissipates only dynamic power.
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(2 - 32)

where vsmp is the sampled value of the input (vres(n)) and i is the value of ADCout.

With a two-phase non-overlapping clock system, the sampling and inte-

grate-and-hold phases of adjacent pipelined stages can be interleaved so that a inte-

grate-and-hold phase is being performed on each half cycle (see [63]).  Between the flash

ADC and opamp functions, the settling time of the opamp integration process occupies

most of the integrate-and-hold period.  Thus the sampling rate is directly related to the

bandwidth (settling behavior) of the opamp.  

2.5-3 No separate front-end S/H amplifier required

Another benefit of a MOS implementation, worth mentioning, is the inherent sam-

ple-and-hold function of the first-stage sampling capacitors (CS) which eliminates the

need for a front-end S/H amplifier.  If the first-stage Flash comparators are strobed at the

same time that the input signal is sampled (onto CS), no high frequency degradation in the

output SNR is observed from lack of a front-end S/H amplifier [63].1

2.5-4 Thermal (kT/C) noise consideration

In the sampling process, the thermal noise from the MOS transistor switches is cap-

1. In practice, the comparators are strobed slightly after the input sample is taken to ensure a quiet sampling
event.  With digital correction, this offset in sampling time can be corrected as long as the input signal
frequency does not create a sampling error that exceeds the digital correction range.  The maximum input
signal frequency can be calculated based on the time between input sampling and comparator strobing
and is a design parameter that can be set based on the desired bandwidth as was done in [63].

vres n 1+( ) 8 vsmp
i
8
---Vref– 

 = i 0 1 … 7, , ,=( )



2.5 Pipelined A/D Converters 45

tured onto a sampling capacitor along with the signal.  The power of these random noise

samples, Nth, can be shown to be [64]:

(2 - 33)

where k is Boltzmann’s constant, T is absolute temperature (Kelvin) and C is the value of

the sampling capacitor.  At room temperature, the rms (square root of Nth) value of the

 noise for a 1pf capacitor is approximately 64µV so a high-speed1 converter’s SNR

can begin to degrade as resolutions increase above 8-bits.  Thus with the previous discus-

sion on per-stage accuracy, the first stage of a pipelined converter would be most sensitive

to this noise.  For example, [63] shows that for a 10-bit pipelined converter, the sampling

capacitor sizes of first few stages are dictated by the  noise consideration.  The

remainder of the stages are able to use minimum capacitor sizes due to relaxed accuracy

requirements.  [63] also shows that in  limited cases, to a first order, the power of a

switched-capacitor integrator (as in Fig. 2-12) is proportional to the sampling capacitor

size which agrees with the results of (2 - 34) below.  Since for each additional bit of reso-

lution (factor of two in precision), the sampling capacitor needs to quadruple, the power of

each additional first stage also quadruples with respect to the last first stage added to the

front of the pipeline.

2.5-5 Power versus resolution

The power of a Pipelined converter as a function of resolution will vary depending

1. Therefore small sampling capacitors.

Nth
kT
C
------=

kT C⁄

kT C⁄

kT C⁄
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on the number of stages and the number of bits allocated per stage.  For convenience and

to make this task tenable, a 1bit-per-stage architecture will be assumed.  As pointed out

previously, to increase the resolution of a pipelined converter, an additional stage is added

at the front of the chain.  So for a 1bit-per-stage converter, each preceding stage adds one

bit of resolution so the increase in power is due to the power of the additional stage. 

In the  limited regime (high-order bit stages), the power of a given stage is

four times the power of the following stage.  When not in the  limited regime, each

preceding stage still requires more power for its SC integrator to settle to a higher accu-

racy required by the additional bit of resolution, though not by a factor of four.1  Making

some simplifying assumptions, the per-stage power as a function of converter resolution,

capacitor sizes and sampling frequency covering both regimes can be derived based on the

SC integrator settling-time behavior (see Fig. 2-13).  This derivation is done in

1. In the kT/C limited regime the higher precision does cause an additional power increase per each preced-
ing stage but it is over-shadowed by the four-fold increase due to the sampling capacitors.

Figure 2-13 Settling behavior of SC integrator.
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Appendix A and yields the following result for the power of a stage, Pi, with a required

precision of i-bits:  

(2 - 34)

where Vmax is the worst-case maximum voltage excursion of the output, Vosat is the volt-

age range within Vmax in which single-pole (exponential) settling occurs (see Fig. 2-13),

Cx is given by:

(2 - 35)

and α is given by:

(2 - 36)

AI is the closed-loop (inverting) gain of the SC integrator and is equal to .  The

value for α ranges typically from 0 (when Vosat equals Vmax, i.e., no slew rate limiting) to

3 (for Vdsat = 175mV, f = 0.5, Vmax = 2V).

The SC integrator model used for the above derivation is shown in Fig. 2-14.  Equa-

tion (2 - 34) shows that Pi varies linearly with bit resolution (i) due to the need for more

complete settling by each preceding stage.  It also incorporates the direct dependence on
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capacitance, Cx, which gives rise to the  power trend, i.e., quadrupling Pi per addi-

tional bit of resolution (via CS & Cf).  (Note that the ratio CL/Cf remains constant, indepen-

dent of i, which is also generally true for Vmax, (Vgs−Vt) and Vosat for a given design.)

Pipelined converters can be designed where all stages are identical so that the

per-stage power is identical, then for a 1bit-per-stage design, the power increases linearly

for each additional bit of resolution.  In this case, (2 - 34) can be used to calculate the

power of the first stage and all following stages since the first stage design (meeting the

most stringent requirements) can be used for all subsequent stages.  Though this is effi-

cient in terms of design time, it can be very inefficient in terms of power since it does not

leverage the relaxed accuracy requirement of the latter stages.  Alternately the power can

be optimized by designing each stage only as accurate as needed.  When this is the case,

Figure 2-14 Settling-time calculation circuits; (a) simplified DAC-sub-gain-S/H diagram, 
(b) small-signal model of opamp.
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the per-stage power is not constant but follows (2 - 34) as a function of the needed accu-

racy, specified by i (number of bits of settling accuracy) and Cx (indirectly the size of the

sampling capacitor needed to keep the  noise low enough for i-bits of accuracy).

Then the power for all N stages of this optimized converter, PN, is:

(2 - 37)

2.6 Power Trend Summary

To a first order, converter power is directly proportional to sampling rate (fS) when fS

is much lower than the device technology transition (cutoff) frequency (fT).  However

power increases asymptotically to infinity as the design pushes fS close to fT.  In the case of

constant current-density designs, there is an optimum power point (Popt), when total

intrinsic capacitance1 equals total extrinsic capacitance, beyond which power increases

yield diminishing returns in speed improvements.

Power dependence on converter resolution is not as straight-forward as its depen-

dence on fS because converter architecture also varies with resolution.  Flash converters

dominate at the high-speed low-resolution end of the spectrum while Pipelined converters

are usually employed at the low-speed high-resolution end.  If one ignores the other

mid-range converters, this architectural dependence can be factored into a disjoint resolu-

tion-versus-power function.  Thus for converters of less than 8bits, the power dependence

1. Intrinsic capacitances is device capacitances that scale with transistor size and hence also bias current.

kT C⁄

PN Pi

1

N

∑ Px i 1+( ) 2( )ln α+[ ]⋅( )

1

N

∑= =



2.7 ADC Power in High-speed Application Examples 50

would be proportional to the number of quantization levels needed for a given number of

bits (B), i.e., 2B, if a Flash converter is used.  And for converters greater than or equal to

8bits, the dependence would be a nonlinear function following the per-stage power func-

tion given by (2 - 34) if a 1-bit-per-stage Pipelined architecture is used.

2.7 ADC Power in High-speed Application Examples

Based on the results of the preceding sections, a rough quantitative comparison of

system power as a function of architectural choices in the implementation of three

high-speed signal processing applications1 can be carried out.  The three applications are:

(1) a high-speed local area network (LAN) system (100BaseTX), (2) a direct-sequence

spread-spectrum code-division multiple access (DS-CDMA) system and (3) a radio-fre-

quency (RF) wireless front-end system as commonly found in cellular phones.

2.7-1 High-speed LAN application

The first application is based on an 100BaseTX CMOS transceiver design as

described in [65].  This LAN system is designed to enable computer network connectivity

at 100Mb/s via data-grade "category 5" (cat 5) unshielded twisted-pair telephone wiring as

found in most newly wired office buildings and schools.  Due to the lack of wire shielding,

the transmitted signal must be filtered and wave-shaped to transform the wideband signal

spectrum to a narrower bandwidth to meet FCC emissions requirements.  Prior to

1. In all three examples, only the receive (demodulating) section is considered, since this is the section that
contains the ADC function.



2.7 ADC Power in High-speed Application Examples 51

wave-shaping, the transmitted signal is encoded using a 4bits-to-5bits (4b5b) NRZI

scheme to create extra symbols that can be used for control and error management while

boosting the data rate to 125Mb/s.  At the receive end of the twisted-pair cable, the signal

recovery circuits must, (1) compensate for distortion caused by the channel (twisted-pair

cable) using an adaptive equalizer, (2) adjust the DC level shift due to AC-coupled asym-

metric data patterns (baseline wander compensation), (3) restore an adequate signal level

via automatic gain control (AGC), (4) phase-lock to recover timing information, (5) detect

the multi-level (MLT3) wave-shaped signal and (6) reverse the 4b5b encoding.  Fig. 2-15

shows a simplified block diagram of the 100BaseTX receiver of [65].  

Instead of digitizing the twisted-pair input (TPIn) directly, the signal is equalized and

wander compensated in the analog domain.  Next it is converted into a digital signal using

a six-level data slicer1 which requires five comparators.  To phase-lock for clock recovery,

Figure 2-15 Simplified block diagram of 100BaseTX receiver (redrawn from [65]).

1. Equivalent to the front-end of a six level Flash converter.
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a three level clock slicer (two comparators) is used that is strobed midway between the

data slicer comparisons.  From [65], to accomplish the same task digitally would require at

least a 6-bit ADC sampling TPin at 125MHz or higher.1  

Thus in this example, by digitizing later in the signal processing stream, the ADC

power ratio is 64 comparators (6-bit Flash) to 7 comparators which is more than a factor

of 9.  The dynamic range of the signal is reduced by the analog processing which eases the

requirements of the digitizing task thus requiring less circuitry (comparators), and hence,

less power.

2.7-2 Baseband DS-CDMA application (all analog)

The second high-speed example is a baseband DS-CDMA system that is part of the

design of the InfoPad research project at UC Berkeley2 (see Chapter 3 for a more detailed

discussion of a DS-CDMA system).  This baseband system modulates the data with a

high-frequency pseudo-random noise (PN) code, which "spreads" the baseband data spec-

trum across a larger bandwidth, prior to RF up-conversion and transmission.  This wider

spread spectrum makes the information more tolerant to spectrum fading and interference

from multipath and narrowband signals when it is transmitted into the air.  The bandwidth

expansion factor is determined by a design parameter called the spread factor (FS).  For

example, the 1MHz data bandwidth of the InfoPad system is expanded to a 64MHz spread

1. To achieve clock and data recovery would typically require sampling the 100BaseTX signal at twice the
data rate, or using two interleaved ADC’s sampling at the data rate, offset by half a sample period as in
the clock and data slicers described above.

2. For more information go to: http://infopad.EECS.Berkeley.EDU/infopad/
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spectrum bandwidth by using an FS of 64.  A simplified system block diagram is shown in

Fig. 2-16.  

The baseband data recovery (after RF carrier demodulation) is accomplished using

correlation of the input signal with the same PN code that is used in the transmitter.  PN

code synchronization is accomplished by using a delay-locked loop (DLL) which employs

two additional correlators.  Fig. 2-17 shows a simplified diagram of the baseband correla-

Figure 2-16 DS-CDMA simplified system block diagram.

Figure 2-17 Baseband correlation block diagram with delay-locked loop (DLL).
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tion block.  In the InfoPad system, each correlator outputs one result after processing 64

input samples,1 therefore, from input to output, the data rate experiences a decimation by a

factor of 64 which results in a 1MHz  output bandwidth.

Now a comparison can be made between a pre-correlation ADC which digitizes the

input baseband signal, rm(t), and a post-correlation ADC which digitizes the output signal,

rd(t).  Since the input bandwidth is 64 times larger than the output bandwidth, the pre-cor-

relation ADC would have to sample 64 times faster than the post-ADC.  In addition, since

the timing information for proper operation of the DLL requires half period sampling,

either two pre-ADC’s are needed or one sampling 128 times faster than the post-ADC is

needed.  In either case, a 128 to 1 power ratio of pre- to post-ADC results when only sam-

pling rate is considered.  In terms of resolution, the dynamic range requirements of the

input requires 4 or more bits of resolution [66], whereas at the output, only 1 bit of resolu-

tion is needed to recover the data.  These low resolutions suggest using Flash converters to

do the ADC function, resulting in a 16 to 1 power ratio when only taking resolution into

consideration.  Combining both the sampling rate and resolution ratios results in a

2048-to-1 power ratio between a pre-ADC and post-ADC in this example.

As before, signal processing prior to analog-to-digital conversion appears to favor a

lower power architecture.

1. Analog sampled-data processing (discrete-time, continuous amplitude) is assumed for the analog-domain
correlation in the post-ADC case.
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2.7-3 Alternative realization of a DS-CDMA application (digital synchronization)

Before moving on the to the last example, a comparison of another post-ADC real-

ization of the above system is possible.  This realization stems from the current trend to

maximize digital processing when it is desirable (in terms of performance and flexibility)

as well as practical and economical (in terms of time, area and power).  In the diagram of

Fig. 2-17, the clock generation block which controls the tracking and acquisition behavior

of the DLL, is responsible for the overall performance of the recovery process.  Bit errors

are generally not caused by errors in the data correlation (detection) block but by loss of

synchronization caused by large tracking errors that are functions of the signal strength of

the tracking signals (Early and Late correlations) and type of algorithms used in the clock

generation block.  For these reasons, digital implementation of the clock generation block

is sometimes preferable (as shown in Fig. 2-18).  

Figure 2-18 Post-correlation ADC block diagram with digital clock generation.
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The resolution of the post-tracking ADC’s, has to be better than pre-tracking ADC’s

by i bits, where i is:

(2 - 38)

in order to preserve the SNR improvement due to the processing gain (see Chapter 3).

This translates to 3 bits for an FS of 64.  Thus 4 bits of resolution for the pre-ADC’s

implies post-ADC’s with 7 bits of resolution which falls within the regime of using Flash

converters.  Assuming two pre-ADC’s, Table 2-3 summarizes the characteristics for the

pre- and post-ADC’s (assuming two ADC’s, operating at 64MS/s offset by half a sample

period for tracking purposes, are used in the pre-correlation case).  From this table, the

post-ADC comparators will consume less power than the pre-ADC comparators by a fac-

tor of 64.  However, there will be roughly 8 times more post-ADC comparators resulting

in a pre-versus-post power ratio of about 8-to-1.  So although the power difference

between the pre- and post-ADC’s is not as large as in the all-analog case, in this more real-

istic case the difference is still about a factor of 8.

TABLE 2-3 ADC Characteristics for DS-CDMA System

Pre ADC’s Post ADC’s
tracking data

Number required 2 2 1

Sampling rate (fS) 64MS/s 1MS/s 1MS/s

Resolution 4bits 7bits 1bits

i log2 FS( )=

1
2
--- log2 FS( )⋅=
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2.7-4 RF wireless front-end application

The last example is based on the front-end chip of an RF receiver for the Digital

Enhanced Cordless Telecommunications (DECT) specifications [67].  This receiver does

not use the typical superheterodyne architecture; instead it uses an architecture that is

more suitable for monolithic integration in CMOS technology called wide-band IF with

double conversion (WIFDC).  A block diagram of the WIFDC architecture is shown in

Fig. 2-19.  The RF filter is the only component that is hard to integrate.  The low-noise

amplifier (LNA) gains up the incoming signal to decrease the input-referred noise contrib-

uted by Mixer 1 and subsequent blocks.  The combination of Mixer 1 and 2 uses complex

signal processing to reject the image signal, i.e., with image-reject mixing.  The low-pass

(LP) filter attenuates all energy higher than the intermediate frequency (IF) channel infor-

mation and the channel-select (CS) filter attenuates all adjacent channels thereby passing

only the desired channel information to the ADC (see [67]).

The desired channel information (700kHz bandwidth) is translated down to baseband

after demodulation by Mixer 2.  The CS filter must be a high-order high-Q low-pass filter

in order to attenuate the adjacent channels.  The 700kHz bandwidth is modest enough to

allow using analog switched-capacitor (SC) or digital filtering thus providing stable

Figure 2-19 Wide-band IF with double conversion receiver architecture.
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high-Q filter functions.1  Fig. 2-20 shows how the CS filtering function can be imple-

mented in the analog2 or digital domains.  

To relax the filtering requirements of the continuous-time anti-alias filters, the subse-

quent blocks oversample the analog signal by about a factor of 22 in [67] (fS = 31.1MS/s).

To obtain at least a SNR of 10.3dB after the CS filters, the input dynamic range of these

blocks must be at least 50.3dB to accommodate the highest adjacent channel energy

allowed by the DECT standard (40dB over the minimum input signal).  This translates to

at least 9bits of resolution required of the pre-ADC in Fig. 2-20(b).  After analog channel

selection, the post-ADC needs a minimum dynamic range of 10.3dB (which translates to at

least 2bits3 of resolution) and Nyquist sampling rate of 1.4MS/s4 (700kHz signal band-

Figure 2-20 Two possible realizations of the CS filter; (a) analog filter, (b) digital filter.

1. It is more difficult to realize high-Q filter functions using integrated continuous-time analog filters.

2. This approach was used in [67] and is described in [68].

3. Of course in an actual realization, extra bits of resolution would be added for system margin but are not
essential for this exercise.

4. In [67] and [68], the pipelined ADC has 10bits of resolution and samples at 10.37MS/s to allow subse-
quent digital processing the ability to correct for timing errors due to incoherent demodulation.  This
analysis will assume coherent demodulation to avoid the extra complication.
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width).  

At these sampling rates, an ADC power comparison can be made assuming a pipe-

lined ADC architecture.  The power ratio of the pre- to the post-ADC as a function only of

sampling rate is 31.1 to 1.4 or 22 to 1.  A conservative estimate of the power ratio as a

function of resolution can be derived using (2 - 37).  To make the derivation tenable, the

power trend attributed to  noise considerations is ignored making the results more

modest.  With this assumption, Px is constant and the following can be derived (see

Appendix A):

(2 - 39)

So the power ratio of a 9bit converter versus a 2bit converter is:

(2 - 40)

For α = 0, this ratio is 10.8 and for α = 3, this ratio is 6.8.  Combining the speed and reso-

lution trends results in a power ratio of at least 149 to 1, again favoring analog processing

prior to digital conversion.

2.7-5 Summary

From these examples, the power ratio of a pre-processing ADC versus a post-pro-

cessing ADC can range from 2048-to-1 to 8-to-1.  Assuming that analog signal processing
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and digital signal processing dissipates about the same power to perform the same func-

tion implies that there may be an overall system power minimization by delaying the ana-

log-to-digital conversion for high-speed applications.  To validate these ideas, a prototype

DS-CDMA baseband recovery system similar to the one described in Section 2.7-3 has

been implemented and is subsequently described.  But before describing the prototype,

some background information on DS-CDMA systems is presented next.
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Chapter 3

DS-CDMA System Overview

CDMA is a method to transmit multiple users’ data simultaneously using coding,

ideally orthogonal, to add dimensionality to the transmit space.  This CDMA technique is

combined with direct-sequence spread spectrum (DSSS) modulation to yield what is know

as direct-sequence code division multiple access communication (DS-CDMA).  Fig. 3-1

shows a conceptual block diagram of a wireless DS-CDMA system.  The unmodulated

users’ data, du(t), can be either a serial binary data stream (single-user case) or a serial

multilevel data stream (multi-users case).  This data stream is then modulated by a higher

bit-rate code sequence, p(t), which increases or spreads the bandwidth of the baseband

Figure 3-1 Conceptual block diagram of DS-CDMA system
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data signal.  This baseband spread-spectrum (SS) signal, dm(t), is finally modulated with a

radio frequency (RF) carrier, ωc, before being transmitted into the air (RF channel).  Dur-

ing transmission through the channel the signal gets corrupted by the addition of multipath

interference, random noise, and other interfering signals all of which are simply repre-

sented as n(t).  The received signal, rrf(t), is then RF demodulated1 yielding the baseband

SS signal, rm(t).  The final baseband demodulation despreads and recovers the original

data signal resulting in rd(t).

Since the RF transmission and demodulation steps are outside the scope of this

research, the rest of this chapter will focus only on the baseband SS modulation and

demodulation steps.  The baseband received signal, rm(t), can be separated into three types

of signals based on how the SS demodulator handles them.  The first signal type is the

desired user data that is to be ultimately recovered.  The second is the other users’ data

(multiuser case) that can be rejected by the demodulator.  These signals are special in that

they are synchronously orthogonal to the desired signal (as will be explained later).  And

lastly are all other signals (noise, interference, multipath, etc.) that corrupt the reception of

the desired user data.  Since the SS demodulator treats each of these signal types very dif-

ferently, it is natural to use this signal division as the basis for the organization of this

chapter.

The chapter starts with an overview of SS communications and its advantages, fol-

1. For simplicity a direct conversion, or homodyne, system is illustrated (omitting the low-pass filter that
usually follows the conversion).  For our purposes the important result is that rm(t) is a baseband
spread-spectrum signal corrupted by passband noise and interference.
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lowed by a description of pseudo-random noise (PN) code sequences which are the key

elements in the SS process.  Next DSSS modulation and demodulation for the simplest

case of a single user are presented before describing the more complex multiuser case

(CDMA).  How the demodulator processes noise and interference will be addressed next,

where the concept of processing gain (GP) will be introduced.  The chapter will finish with

a section on synchronization, explaining how the demodulator aligns itself to the incoming

received signal and maintains that alignment.

3.1 Spread Spectrum

Spread-spectrum communication refers to modulating a signal for the purpose of

spreading its energy across a frequency range that is wider than its original unmodulated

bandwidth.  The two most common methods of performing this modulation are direct

sequence (DS) and frequency hopping (FH).  In DSSS modulation, a high-frequency PN

sequence is used to modulate the signal directly, yielding a wide-bandwidth baseband sig-

nal (see Fig. 3-2(a)).  In FH spread-spectrum (FHSS) modulation, a modulating frequency

is varied according to a PN sequence so that the signal occupies a frequency slot for a

short time before hopping to another slot in a pseudo-random order (see Fig. 3-2(b)).

Because of the random nature of the PN sequence, the spectrum of the DSSS signal is

“white” or spectrally flat; in the case of FHSS, the hopped frequency band is evenly  dis-

tributed across the expanded spectrum over time.

Expanding the bandwidth with either method will achieve the following benefits as



3.1 Spread Spectrum 70

the signal passes through the RF channel:

1. Immunity to frequency-selective narrowband fading due to multipath interference.

2. Immunity from jamming and other external interfering signals.

3. Reusability of spectrum.

4. Simultaneous multi-user access of the same spectrum

Both DSSS and FHSS systems permit spectrum reusability, or multi-access, but by differ-

ent means.  In DSSS modulation, other signals or interferers in the same RF band only

corrupt a small portion of the spread-spectrum signal, only slightly degrading its sig-

nal-to-noise ratio (SNR).  And conversely, the DSSS signal looks like white noise to these

Figure 3-2 Spectrum expansion for (a) DSSS modulation and (b) FHSS modulation.
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other signals thus permitting spectrum sharing.  FHSS systems accomplishes spectrum

reuse by orthogonal frequency hopping to avoiding interference with other fixed frequency

signals in the same band.  Thus, multiple SS services with unique random codes will be

able to communicate simultaneously over the same spectrum, even while other non-SS

services occupy parts of the band.1  For these reasons SS modulation is often a popular

choice for data and voice communications.

3.2 Pseudo-random Noise (PN) Code Sequences

 The unique characteristics of PN sequences2 make them useful in spectral whiten-

ing, random test-data generation, data scrambling and spectral expansion (as in SS).  It is

their close-to-ideal randomness and ease of generation that makes them so useful.  These

sequences are easily generated by using an M-bit shift register with the appropriate feed-

back taps, e.g. as shown in Fig. 3-3 for M = 5.  With the appropriate taps, the length (N) of

1. A more in-depth description of spread spectrum systems can be found in [1] & [2].

2. Most of what follows on PN sequences is summarized from [1]

Figure 3-3 Maximal-length PN sequence generator (M=5, N=31).

p(t)

clock

mod-2 add
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the serial bit stream at the output will be a maximum (Lmax):

N = Lmax = 2M  -  1 (3 - 1)

The meaning of bit-stream length in this context is the maximum length of the bit

sequence before it starts repeating itself.  PN sequences of maximum length are called

maximal linear code sequences, but because non-maximal PN sequences are rarely used in

SS systems, “PN sequences” will be used to denote maximal linear code sequences for this

document.  Likewise, “PN codes” or “PN code sequences” will be used synonymously

with “PN sequences”.  The feedback taps are added modulo-2 (exclusive OR’ed) and fed

to the input of the initial shift register.  Only particular tap connections will yield a maxi-

mum length for a given shift register length.  A good compilation of maximal length tap

connections for given register lengths can be found in [1].

These maximal length PN codes have the following properties:

1. Code balance:  The number of ones and the number of zeros differ by only 1, i.e.,

there is 1 more one than the number of zeros.  This particularly useful when the

channel is AC coupled (no DC transmission).

2. Run-length distribution:  The run-lengths of ones, i.e., the number of ones in a row,

and zeros are distributed in a deterministic and somewhat statistically balanced

way.  Table 3-1 illustrates this distribution for M=7.  In words, there are exactly 1

run of M ones, 1 run of M-1 zeros, 1 each of runs of M-2 ones & zeros, 2 each of

runs of M-3 ones & zeros, 4 each of runs of M-4 ones & zeros, 23 each of runs of

M-5 ones & zeros, ..., 2K each of runs of M-2-K ones & zeros, .... and 2M-3 each of

runs of 1 ones & zeros.
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3. Autocorrelation:  Using signaling values of ±1, the autocorrelation of a PN

sequence has a value of -1 for all phase shifts of more than one bit time.  For no

phase shift (perfect alignment with itself), the autocorrelation has a value of N, the

sequence length (see Fig. 3-4).

4. Modulo-2 addition:  Modulo-2 addition of a PN sequence with a shifted version of

itself results in a differently-shifted version of itself.

5. Shift register states:  The binary number represented by the M bits in the shift reg-

ister randomly cycle through all 2M values, except for 0, in successive 2M-1 clocks.

If the value of 0 (all shift register bits are 0) is ever present in the shift register, it

will stay in that state until reloaded with a nonzero value.

The second and third properties are the most important properties of PN sequences

for use in SS systems.  The run-length distribution property is responsible for the random-

ness and for the spectral “whiteness” of the PN sequence.  The randomness is ideal for

generating pseudo-random data for testing purposes while its whitening characteristic

makes it useful as a scrambling modulator to flatten the spectral content of a signal prior to

TABLE 3-1 Run-length Distribution (M = 7)

Run-length
Runs of 

Ones
Runs of 
Zeros Bit Total

7 1 0 7

6 0 1 6

5 1 1 10

4 2 2 16

3 4 4 24

2 8 8 32

1 16 16 32

All Runs 127
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transmission or as a spreading modulator to expand as well as flatten a signal.

The continuous-time (CT) autocorrelation of a PN sequence is defined as:1

(3 - 2a)

(3 - 2b)

where p(t) is the PN sequence as a function of time with value ±1, N is the number of PN

sequence bits, Tc is a PN-bit time and  is its length.  Fig. 3-4 is a plot of the CT auto-

correlation function, CCA(τ).   This plot assumes that p(t) wraps around when computing

the integral.  Timing synchronization in a DSSS receiver takes advantage of the unique

shape of CCA(t) by searching for the peak autocorrelation value which signals perfect

alignment (τ = 0) of the incoming received signal to the DSSS receiver’s internally gener-

ated PN sequence.  The longer the PN code length, N, the larger the correlation peak and

Figure 3-4 Continuous-time autocorrelation function

1. This equation has been scaled by N so that the continuous-time and discrete-time correlations give equiv-
alent results.

τ (PN  bit times)0 2 4 6-2-4-6

N

-1

CCA(τ)

CCA τ( ) N
N Tc⋅
-------------- p t( ) p t τ+( )⋅ td

N Tc⋅
∫⋅=

1
Tc
----- p t( ) p t τ+( )⋅ td

N Tc⋅
∫⋅=

N Tc⋅
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hence the more resistant to false synchronization from noise and interference (See section

3.6 “Synchronization”).

3.3 Single-user DSSS Modulation

The simplest case of DSSS modulation is that of transmission and reception of a sin-

gle (user) data stream.  In this case, a PN code directly modulates the  binary data signal,

du(t) (see Fig. 3-1).  The bandwidth expansion of the signal’s spectrum (Fig. 3-2) is a

result of the higher bit rate of the PN code.  The expansion or spread factor (FS) is the

ratio of the PN code bit rate to the data signal bit rate.  The modulation process is illus-

trated in Fig. 3-5.  The modulated output dm(t) has the same bit rate as the PN code.  To

avoid confusion with the data bits (du(t)), the PN code bits and modulated data bits (dm(t))

are commonly referred to as chips.  Thus bit time (Tb) will refer to the duration of one

unmodulated data bit and chip time (Tc) to that of a PN code or modulated data bit time.

With this convention, an alternative definition for spread factor is:

(3 - 3)

The modulation can be viewed two ways depending on the type of implementation

used.  If the implementation uses a differential type of signaling, i.e., ±A, where A is the

amplitude of the signal, then a multiplication operation is equivalent to modulation

(Fig. 3-5(a)).  For standard digital logic with binary signaling, i.e., {0,1}, an exclusive OR

operation (XOR) can be used for modulation (shown as a modulo-2 addition in

FS

Tb

Tc
------=
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Fig. 3-5(b)1).  Normally the PN code length, ,  is greater than or equal to the data bit

time, Tb.  Fig. 3-5 shows the case when .  When , the modulation

can be viewed as mapping bits of du(t) to one polarity of the entire PN sequence or the

other (see Fig. 3-6).

3.3-1 Demodulation of a single DSSS user

Recovering the original data stream requires timing alignment of the receiver’s inter-

nal PN code (p(t)) to the embedded PN code in the baseband received signal (rm(t)), then

demodulation, or despreading, of the received signal and finally detection of the data bits.

Figure 3-5 DSSS modulation representation ( ); (a) multiplication for binary 

antipodal signaling {±A}; (b) XOR for digital logic {0,1}

1. Actually the equivalent operation for binary numbers is an exclusive NOR operation, but for simplicity an
XOR operation will be used in this document along with a modulo-2 addition as its symbol.
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For this discussion, perfect PN code alignment during demodulation is assumed, deferring

the topic of timing alignment, or synchronization, to the end of the chapter.

Demodulation of the DS signal converts the wideband modulated signal back to a

narrowband signal indicating some type of decimation or filtering function.  Correlation,

or more specifically cross-correlation, of the received signal (rm(t)) with the desired PN

code (p(t)) accomplishes this decimation.  Fig. 3-7 shows a simplified block diagram of a

DSSS receiver where a correlator is used as the baseband demodulator.  CT cross-correla-

Figure 3-6 DS modulation for  (XOR representation)

Figure 3-7 Correlation as DSSS baseband demodulator

�

�
�

�
�
�
�

�

�
�

�
�
�
�

�

�
�

�
�
�
�

�

�
�

�
�
�
�

du(t) dm(t)

p(t)0

1

0

1

0

1

p(t)

du(t)

dm(t)

“0” “0”“1” “1”

“0” “0”“1” “1”
N TcÞ

N Tc⋅ Tb=

�����������������������������������������������������������������������
�����������������������������������������������������������������������

�
�
�
�
�
�
�
�
�������������������������������������������������������������������������

��
��
��
��
��
��
��
��
��

cos(ωct)

baseband
demod

Receiver

rm(t) rd(t)

������������������������������������������������������������������������������������������
������������������������������������������������������������������������������������������

�
�
�
�
�
�
�
�
�������������������������������������������������������������������������������������������

�
�
�
�
�
�
�
�
�

cos(ωct)

Receiver

rm(t) rd(t)

p(t)

td∫➪



3.3 Single-user DSSS Modulation 78

tion for data demodulation is defined as:1

(3 - 4)

where the extent of the integration in this case is restricted to the duration of one data bit

(Tb) as opposed to the PN sequence length.

For clarity, this discussion of the demodulation process will be restricted to an ideal

noiseless transmission and reception of a single user’s data signal.  For this case, the base-

band receive signal would be:

(3 - 5)

where A represents the signal amplitude, dm(t) is the PN modulated baseband binary sig-

nal, and du(t) is the original unmodulated binary data signal.  For simplicity also assume

that A = 1, so rm(t) looks exactly like the baseband modulated data signal, dm(t).  Then the

CT cross-correlation with perfect synchronization (τ = 0) is:

(3 - 6a)

(3 - 6b)

1. This equation has been scaled by FS so that the continuous-time and discrete-time correlations give equiv-
alent results.

CCX τ( ) 1
Tc
----- rm t( ) p t τ+( )⋅ td

Tb

∫⋅=

rm t( ) A dm⋅ t( ) A du⋅ t( ) p t( )⋅= =

CCX 0( ) 1
Tc
----- rm t( ) p t 0+( )⋅ td

Tb

∫⋅=

1
Tc
----- du t( ) p t( ) p t 0+( )⋅ ⋅ td

Tb

∫⋅=
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(3 - 6c)

(3 - 6d)

So the correlator output is equal to the original data bits evaluated at Tb intervals and

scaled by the spread factor.  Fig. 3-8 shows input and output waveforms for this example

when FS=8 and N=31.  From the output waveform it is clear that the final data recovery is

simply sign detection of the correlator output at Tb intervals.  The output magnitude con-

tains no data information itself but does represent the strength of the signal which can be

Figure 3-8 Correlator input [rm(t) and p(t)] and output [CCX(t)] waveforms for FS=8 and 
N=31.
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used in calculating the post-demodulation SNR to give an indication of the correlation

bit-error rate performance.

In a more realistic example, the received signal could be corrupted by interference

and noise signals as well as distorted by the RF channel characteristics.  This effect will

randomly vary rm(t) such that the product  will be ±1 with some variance.

Integrating this variance over the interval Tb results in an averaging effect which reduces

the variance, or noise power, while not affecting signal power.  This reduction in the noise

power is called the processing gain (GP) of a SS system and will be looked at more closely

in a later section.

The effect of timing misalignment in an actual system will result in the reduction of

the correlation output magnitude.  The output magnitude must decrease with misalignment

since its peak value only occurs for perfect alignment.  So instead of increasing the noise

power of the correlator output as in the additive noise case above, misalignment reduces

the signal power but the result is the same; the SNR is reduced.

The preceding analysis has been presented in the continuous-time domain.  Alterna-

tively, a sampled-data system can perform a correlation in the discrete-time (DT) domain

which may be more resistant to timing misalignment error.  With a sampling interval of Tc

the DT correlation for data demodulation is defined as:

rm t( ) p t( )⋅
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(3 - 7a)

(3 - 7b)

(3 - 7c)

where rm(i) are the sampled values of rm(t) and p(i) are the chips of the PN code.  Fig. 3-9

illustrates how the sampled values of the received signal can tolerate almost ±0.5Tc mis-

alignment without affecting its value.  Fig. 3-10 is a comparison of the CT and DT auto-

correlation functions (both ideal).  Note that the DT curve is the loci of possible

correlation values as the phase is incrementally changed.  In summary, with CT correlation

Figure 3-9 ±0.5Tc misalignment tolerance of samples for DT correlation.

CDX n( ) 1
Tc
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there is a slight decrease in the correlation output amplitude with slight timing misalign-

ment, whereas the DT correlation output remain unaffected.

3.4 Code Division Multiple Access

In this section, transmission of data from multiple users via CDMA is addressed.  In

DSSS, multiple users can simultaneously transmit and receive over the same frequency

spectrum since each user’s modulated data looks somewhat like white noise to the other

users.  Differentiation of each user’s data is achieved by using a different PN code to mod-

ulate and spread the data.  Ideally, if K codes are orthogonal they span a K-dimensional

space which can accommodate K users.  Orthogonality in this context means that the

cross-correlation of any of the K-1 undesired users’ DS-modulated signal with the PN

code of the desired user is zero.  In this sense, the receiver’s correlator performs a

dot-product between the desired PN code and the incoming received signal.  So only the

desired incoming signal will have a non-zero correlation resulting in recovery of that

user’s data.  

Figure 3-10 Comparison between CT and DT autocorrelation function of a PN sequence.
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The flaw with this scenario is that it is difficult to find a set of binary codes that are

orthogonal in an asynchronous multi-user transmission environment.  A simple example

of the cross-correlation of two 7-chip PN codes ("1110100" and "1100101", coded as ±1)

can illustrate this.  Fig. 3-11 is a plot of the cross-correlation versus time shifts between

the two codes.  A correlation value of -1 in this case is essentially zero, yielding only 3 (-3,

-2, and 2) of 7 possible chip phases (τ) where the two PN codes are “orthogonal”.  Since

asynchronous transmission cannot guarantee phase alignment, the two transmissions

could interfere with one another.  In the case of long PN codes, orthogonal alignment over

the length of the entire code is not possible if a large enough mismatch exists in the time

references of the receiver and the interfering transmitter.  So although complete orthogo-

nality is not possible,1 the white-noise attribute of DSSS signals does reduce the degrada-

tion on SNR between interfering signals, permitting multi-user communication if the

number of users can be limited to guarantee a desired minimum SNR.  This reduced deg-

radation of SNR is described in more detail in Section 3.5 “Processing Gain”.

Figure 3-11 CT cross-correlation of two 7-chip PN codes.

1. It is possible to find a set of PN codes, called Gold Codes, for which the cross-correlation is bounded thus
providing partial orthogonality for asynchronous multi-user transmission (see [1])
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There is a special case of synchronous multi-user transmission that maintains the

phase relationship between different user’s signals and where orthogonality remains valid.

This case is the downlink transmission of a base-station type architecture similar to those

used in cellular phones [3] and pico-cellular LAN [4] systems.  In this situation the data

transmitted to each of the users can be code-modulated and packaged together before

being sent synchronously.  Under these conditions the codes used need only to be orthogo-

nal synchronously.  An example of synchronous orthogonality is the relationship between

the sine and cosine functions at a given frequency, i.e., they are orthogonal as long as the

90° phase shift difference is maintained (this is the basis for quadrature phase shift keying

(QPSK) communication).  For a given length of digital codes, many mutually synchro-

nously-orthogonal codes exist and can be used to create a K-dimensional code space for

the downlink transmission of the base-station.  Walsh functions are one set of synchro-

nously-orthogonal 2M codes that can be generated by the Hadamard Matrix recursion for-

mula [5].  Fig. 3-12 is a display of 7 of the 16 Walsh functions of length 16.  The first code

is just a constant or “DC” value; codes 2 and 3 are digital equivalents to sine and cosine of

the fundamental (lowest frequency); codes 4 and 5 are digital equivalents to sine and

cosine of the second harmonic; but code 6 has no sine or cosine equivalent.  Code 6 illus-

trates the flexibility of digital code representation to provide many more synchro-

nously-orthogonal sequences than simply deriving the digital equivalent from a Fourier

series expansion.  By examination, all 6 codes are mutually orthogonal, i.e., their

cross-correlation over 16 chips is zero (assuming ±1 signal values); and this is also true of

all 16 Walsh functions of length 16.
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Selecting a unique Walsh code to modulate each user’s signal, CDMA is analogous

to quadrature modulation using the sine and cosine functions, where in this case a

2-dimensional space is created.  Fig. 3-13 is a simplified block diagram of the CDMA

transmitter.1  Normally the orthogonal code rate is the same as the PN code rate so the

orthogonal code spreads the spectrum of the user’s data.  However, in general, these

orthogonal codes have a very poor autocorrelation characteristic and therefore cannot be

Figure 3-12 7 of 16 Walsh functions of length 16.

1. Note that unlike in the single-user case, the analog combined signal, dw(t), would be a multilevel signal.

1

2

3

4

5

6

4 8 12 16 (chips)

16



3.4 Code Division Multiple Access 86

used for synchronization in the receiver.  Thus a PN code modulation is added to aid the

synchronization block in achieving timing alignment by detecting the peak of the autocor-

relation characteristic.1  Fig. 3-14 shows an example of the signal waveforms for the sim-

ple case of 3 users using the Walsh functions {2, 3 and 8} for and .  Since

the PN code modulation is common to all signals it does not disrupt the orthogonality of

the signals.

3.4-1 Demodulation of CDMA signals

Recovery of this doubly-modulated baseband signal can be accomplished by double

demodulation as shown in Fig. 3-15(a).  The Walsh and PN codes can be pre-mixed

(pwk(t)) to ease implementation (Fig. 3-15(b)).  Fig. 3-16 illustrates the waveforms2 for

Figure 3-13 An example of a CDMA transmitter

1. This fact will be covered in more detail later in Section 3.6 “Synchronization”.

2. Assuming idealized noise-free and interference-free reception

user 1

user 2

user k

w1(t)

w2(t)

wk(t)

p(t) cos(ωct)

dw(t) dm(t)

dw1(t)

dw2(t)

dwk(t)

FS 8= N 31=
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demodulating the data of user3 in the example of Fig. 3-14.  Note that unlike the sin-

gle-user case, the integration is not a linear ramp but a crooked one due to integrating the

Figure 3-14 Example of CDMA waveforms (FS = 8).

Figure 3-15 Multi-user CDMA receivers: (a) straight-forward implementation; (b) 
pre-mixed Walsh and PN codes (pwk(t)) implementation.
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other users’ signals.  However the final value is the same since the other users’ signals

integrate to zero.

There are two other things of note.  First, linearity of the correlator is important for

maintaining the orthogonal relationship of the signals, i.e., to ensure that the other users’

signals integrate exactly to zero.  Second, for the same desired-user signal strength, the

dynamic range of the correlator must be larger in the multi-user case to accommodate the

larger multilevel signal.

Figure 3-16 Input and output waveforms of multi-user demodulation process (user3 data 
recovered) for the Fig. 3-14 example.
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3.5 Processing Gain

The previous two sections explained how recovery of the desired user’s signal and

rejection of undesired (orthogonal) users’ signals were accomplished.  Now rejection of

other signals that might be found in the received signal are now considered.  These signals

can be divided into two categories: narrowband and wideband interference.  Narrowband

interference can be simplified to a carrier wave signal, as in a broadcast radio transmis-

sion.  Wideband interference can encompass white noise sources, multipath SS signals,

FHSS signals or asynchronous DS-CDMA signals.  In the case of a carrier wave interferer,

the correlation process mixes the signal with a PN code and then integrates the result.  The

PN modulating step of the correlation randomly scrambles the sine wave and spreads its

spectrum exactly like the DSSS transmission process, making it look like a pseudo-white

wideband signal prior to integration.  The integrating step then averages or low-pass filters

the interference, decreasing its variance or mean-square signal power.  In the second case

of wideband interference, the PN modulating step will tend to whiten, or flatten, the spec-

trum while the integrating step will again lower the variance or power of the interfering

signal.  In either case the averaging effect by the correlator lowers the overall interference

power and thus increases the SNR (assuming the desired signal power remains constant)

by what is known as the processing gain, GP.  Thus GP can be defined as:

(3 - 8)

where SNRo and SNRi are the output and input SNR of the correlator, respectively.

GP
SNRo
SNRi
--------------=
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Since the reduction in the noise power is by a factor equal to the length of the corre-

lation and thus the amount of spectrum compression, a somewhat more useful but nar-

rower definition for GP is:

(3 - 9)

where BWD and BWSS are the bandwidth of the data before and after SS modulation,

respectively.  This equation applies primarily to the demodulation process as opposed to

the synchronization process as will be explained in the next section.  A more precise deri-

vation of GP can be found in [2] but a less rigorous derivation, and one of a narrower

scope, now follows that may yield more intuition.

With respect to this research, it is appropriate to restrict the scope of this derivation

to sampled-data or discrete-time processing.  This derivation is further simplified to the

case where samples are taken at the chip rate (every Tc) and each sample of the received

input signal, rm(i), corresponds to one PN code chip, p(i).  Assuming the single-user case,

rm(i) can be decomposed as:

(3 - 10)

where dm(i) is the sampled value of dm(t) (desired signal) and n(i) is the undesired (noise)

portion of rm(i).  Assuming a ±1 PN code chip, PN modulation is just a random “sign”

modulation prior to integration.  For n(i), this sign modulation does not change its charac-

teristics since its value and sign are assumed to be random.  Thus discrete-time integration

GP

BWSS

BWD
--------------

Tb

Tc
------ FS=≅=

rm i( ) dm i( ) n i( )+=
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of the n(i) samples results in a summation of these random values.  Treating each

sign-modulated n(i) sample as a random variable Xi, a new random variable Y can be

defined as the correlation of Xi, so from (3 - 7a):

(3 - 11)

Assuming that each Xi is independent and identically distributed (iid) (especially in light

of the random modulation by the PN code prior to summation) then the variance of Y is:

(3 - 12)

where  is the variance of Xi,  represents the total post-correlation noise power and N

is the correlation length.  There are no cross-correlation terms in the above equation since

the Xi variables are independent of each other.  From (3 - 7a), the recovered desired signal

is  where A is the amplitude of the desired signal and N is the correlation length.  Thus

SNRo is:

(3 - 13)

Comparing this to the input SNR which is:

(3 - 14)

Y Xi

1

N

∑=

var Y( ) σy
2≡ σx

2 N σx
2⋅=

1

N

∑=

σx σy
2

A N⋅

SNRo
A N⋅( )2

N σx
2⋅

-------------------
A2 N⋅

σx
2

--------------= =

SNRi
A2

σx
2

------=
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yields a processing gain of:

(3 - 15)

Thus the processing gain or improvement in SNR via the correlation process is equal to the

correlation length N.  The correlation length for demodulation is the same as the spread

factor, FS, so the wider the transmitted bandwidth the larger the improvement in SNR dur-

ing demodulation.

A subtlety that may be overlooked, when considering the benefits of SS modulation,

is the lack of improvement in the overall system SNR when only additive white Gaussian

noise (AWGN) is considered.  This happens because AWGN has energy at all frequencies

that are allowed to pass through the wideband front-end receiver required by SS systems,

permitting more input noise power than in the narrowband case.  Since the noise power is

exactly proportional to FS, the SNRi degradation exactly cancels the GP improvement

yielding no net SNR improvement over a narrow-band system.  The advantage of SS mod-

ulation occurs when considering other types of noise sources.  This is best understood by

examining the SS demodulation process.

Though the SS demodulation result seems to indicate that the signal power increases

by N, it is the noise variance that actually decreases by N via the integration process, i.e.,

(3 - 13) can be rewritten as:

(3 - 16)

GP
SNRo
SNRi
-------------- N= =

SNRo
A N⋅( )2

N σx
2⋅

-------------------
A2

σx
2 N⁄

--------------= =
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Thus the power of any noise signal at the input of the correlator is reduced by N, i.e., the

correlation length or, equivalently, the processing gain.  So the benefit of SS modulation is

that any finite-energy or narrow-band noise introduced in the channel or by the front-end

SS receiver circuitry will be attenuated by the processing gain factor yielding an improve-

ment in the overall SNR.

3.6 Synchronization

Synchronization is the two-phase process of obtaining and maintaining the timing

alignment of the PN code internally generated by the DSSS receiver to the PN code

embedded in the received signal, rm(t).  In the first (acquisition) phase a coarse alignment

to within one chip time (Tc) is achieved.  Once acquisition is attained the second (tracking)

phase begins.  The tracking phase performs a fine alignment to within a fraction of Tc and

maintains that alignment while the demodulation is in progress.

3.6-1 Acquisition Mode

As mentioned earlier, acquisition and tracking rely heavily on the autocorrelation

characteristic of PN sequences (see Fig. 3-4).  For this to be true, the tracking correlation

length must equal the PN sequence length, .  However for demodulation, the correla-

tion length must equal the data bit length, Tb.  Thus when referring to tracking correla-

tions, the above definitions for autocorrelation and cross correlation must be modified

appropriately.  Acquisition is carried out by monitoring the correlator’s output for succes-

sive chip (Tc) phase alignments until the peak region is detected, signaling an alignment

N Tc⋅
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within ±Tc of peak center.  This amounts to tracing the autocorrelation curve of the PN

sequence by the correlator.  Two difficulties are sometimes encountered in practice; data

modulation of the PN sequence and a sequence that is longer than a data-bit time

( ).  If the PN sequence is only data modulation so that its length is equal to Tb

( ), then acquisition can be attained by including negative as well as positive

peak detection.  Or when the sequence is longer than Tb ( ) but is not modulated

by data, then performing a longer correlation (beyond that needed for data demodulation)

will suffice for acquisition.  However, when both conditions occur, the peak detection pro-

cess can be degraded or completely impaired.  In this case, data demodulation has to be

done first before a full length (N-chip) correlation can be done (see Fig. 3-8 for reference).

Unfortunately the data demodulation cannot occur until synchronization is achieved so a

paradox is reached.

A couple of approaches can be used to overcome this problem.1  One approach is to

calculate partial correlation quantities of length Tb and sum their absolute values to get the

full length correlation.  While this yields the correct peak amplitude, the off-peak correla-

tion values are not all -1 (see Fig. 3-17) as in the ideal case.  From Fig. 3-17, the noise

margin is now reduced (by about half the ideal value in this example) which increases the

chance for false acquisition lock.  However if the noise margin is adequate and the thresh-

old for peak detection is placed appropriately, successful acquisition may be possible.

1. These are not meant to be exclusive solutions to this problem and are only presented for informational
purposes.

N Tc⋅ Tb>

N Tc⋅ Tb=

N Tc⋅ Tb>
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Another approach is to use orthogonal modulation as in CDMA (See Section

3.4 “Code Division Multiple Access”) and reserve one of the user channels for sending a

“pilot tone” that can be used for timing alignment.  This pilot tone would have no data

modulation, and thus it can produce an ideal autocorrelation characteristic.  This approach

is easy to implement and robust in operation so it is often used in both the cellular phone

[3] and wireless LAN [4] DS-CDMA systems.  As the prototype chip for this research also

uses this approach, its description will be covered in detail in Chapter 5.

Acquisition time  (τacq) is the time it takes the receiver to achieve initial coarse PN

code alignment (lock) or re-achieve alignment after losing lock.  For the two most popular

correlator architectures, the sliding correlator and the matched filter, τacq is strongly

influenced by the implementation.  The sliding correlator is simpler and more straight for-

ward where, in the acquisition mode, it processes the input signal serially, finishing the

correlation after processing N samples (assuming a DT correlation length of N).  If the cor-

relation peak is not detected, the correlator shifts the PN code by one Tc with respect to the

Figure 3-17 Ideal versus “absolute-value sum” CT autocorrelation functions for the 
waveforms of Fig. 3-8.
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input signal and serially processes the next N samples.  Since there are N possible chip

phases and each correlation takes , the maximum τacq with this approach would be:

(3 - 17)

The matched filter approach uses a pipelined architecture where different chip-phase

correlations are being computed simultaneously.  Discrete-time block diagrams of these

two approaches are shown in Fig. 3-18 which reveals their differences.  The matched filter

has an initial latency of  to output the first chip-phase correlation, but then outputs

successive chip-phase correlations at successive chip times, so τacq(max) is:

(3 - 18)

Note in both cases the minimum τacq is the time for a single correlation, or:

(3 - 19)

Thus the matched-filter implementation has a much shorter acquisition time but is propor-

tionately more complex and costly (circuitry and power) to implement than the sliding

Figure 3-18 Discrete time correlators; (a) sliding correlator; (b) matched filter
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correlator version.

3.6-2 Tracking Mode

PN code alignment is maintained by using two tracking correlators in a  feedback

configuration called a delay-locked loop (DLL).1  One tracking correlator (Early) samples

the input a half chip time ahead of the data demodulator (Data), while the other correlator

(Late) samples one half chip time behind the data correlator2 (see Fig. 3-19).  The feed-

back attempts to equalize the output values of the two tracking correlators.  This can best

be understood by considering the CT CCA(t) function and Early & Late correlator results

for three cases: internal PN code ahead of the input signal, aligned to the input signal and

behind the input signal (Fig. 3-20).  The Early, Data, and Late correlators perform a corre-

Figure 3-19 Delay-Locked Loop with the Data demodulator

1. Though it unfortunately shares the same name, this DLL is completely different from the one used to lock
a inverter delay line to a reference frequency as commonly found in microprocessor clock systems.

2. The distinction between correlators is that the correlation length of a tracking correlator is usually the
length of the PN code whereas the correlation length of the data (demodulating) correlator is always the
length of a data bit, Tb.

Early
Correlator
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Clock
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lation on three successive chip phases of the input signal spaced  apart, so when the

Early and Late output amplitudes are equal, the Data correlator will be perfectly aligned to

the input signal and will produce the peak output value.

In the ideal DT case, the autocorrelation function’s rectangular characteristic

(Fig. 3-10) modifies the tracking characteristics.  In this case (see Fig. 3-21), since the

spacing of the Early and Late correlations is exactly the same as the width of the CDA(τ)

characteristic, i.e., one Tc, the DLL can never make the Early and Late output values

equal.  This causes the loop to dither or toggle back and forth between being ahead or

behind the ideal alignment.  It is insightful to look at the consequence of this rectangular

characteristic on the of sampling of the PN modulated input stream.  Fig. 3-22 illustrates

the relative sampling positions for the Early, Data and Late correlators for three condi-

tions.  When the Early correlator is sampling the correct chip, the Late correlator is sam-

pling the incorrect chip, and vice versa, giving rise to the rectangular characteristic.  In the

Figure 3-20 Early and Late correlator output values for different timing alignments; (a) 
internal PN code is ahead of the received input signal; (b) aligned to input signal; (c) behind 
input signal.
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case of perfect alignment both the Early and Late correlations may be close to zero since

they fall in the signal transition region so the tracking algorithm should take steps to main-

tain alignment lock in this event.

It appears that because of the flat-top characteristic of CDA(τ) that this dithering

should not affect the Data correlation value, but in practice it does introduce a dithering

error due to finite sampling bandwidth.  

Figure 3-21 Discrete-time Early and Late correlation outputs.

Figure 3-22 Relative sampling points for Early, Data and Late correlators.
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Chapter 4

 Design Considerations of 
Analog Correlation

This chapter will look at ways to implement an analog correlator in a very power

efficient manner.  First a typical switched-capacitor (SC) architecture will be examined,

followed by a lower power yet area inefficient version, finally arriving at a passive struc-

ture with even lower power dissipation.  This is followed by a discussion of the design

issues that must be addressed for correct operation by a passive correlator.  At the end of

the chapter non-ideal issues that accompany SC designs will be addressed.

4.1  Minimum Power Architecture

4.1-1 Active chip-rate correlator

Before looking at SC correlators, a choice between a matched filter or sliding corre-

lator architecture (see Fig. 4-1) needs to be made.  Because of its much lower power con-

sumption,1 the sliding correlator is preferred despite its slower acquisition performance.2

1. The matched filter is roughly N-1 times higher power since it require N-1 times more stages (opamps).

2. In the prototype, both the Early and Late correlators were used during acquisition which improved the
synchronization time by a factor of two.
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Fig. 4-1(c) shows a conceptual schematic of how a SC integrator can implement a sliding

correlator (neglecting the PN modulation).  Recalling that PN modulation is simply sign

modulation,1 Fig. 4-1(d) adds the PN modulation for a complete schematic of the sliding

correlator.  A few notes on its operation; first, the samples are being captured and inte-

Figure 4-1 Analog correlator architectures and SC implementations.

1. For PN bit values of {−1,+1}.
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grated at the chip rate, thus the opamp must settle within a fraction of a chip time (Tc).

Second, the sliding correlator is an integrate-and-dump process, where after N samples are

integrated, the output is evaluated and then the integrating feedback capacitor (CF) is reset

(“charge is dumped”), thus with proper scaling integration overflow is not a problem.

4.1-2 Active data-rate correlator

The problem with this chip-rate correlator is that for high chip rates, e.g. 100Mc/s,

the opamp has to settle to the desired resolution within a fraction of Tc, e.g. 5ns, which in

turn means an opamp with a time-constant near 1ns or a gain-bandwidth exceeding 10GHz

with even minimal gain.  Such an opamp would dissipate a large amount of power with

today’s technologies.  Another approach is to implement the sliding correlator as shown in

Fig. 4-2.  In this configuration the single sampling capacitor is now replaced by two banks

of N capacitors that alternate between the sampling and integrating operations.  During the

sampling operation, N successive input samples are stored sequentially on the N capacitors

Figure 4-2 Active data-rate correlator; banks alternate sampling and integrating.
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of one bank so that sampling is still performed at the chip rate.  This allows continuous

sampling of the input while permitting the opamp times longer to settle.1  Since pro-

cessing one data bit requires N samples, the opamp is integrating at the data rate rather

than the chip rate, hence the term data-rate correlator.

Although it appears that this greatly relaxes the settling time requirement of the SC

integrator, only a direct factor of two improvement in settling behavior is realized because

the sampling capacitor2 has increased by a factor of N.  However, due to a MOSFET’s

somewhat square-law characteristic, power savings of upwards to four fold may be possi-

ble depending on the proximity to long-channel operation.  Thus this architecture does

yield some power improvement over the chip-rate correlator but at a disproportionately

high cost in area.

4.1-3 Passive data-rate correlator

Further power reduction is possible by a modification that follows directly from the

active data-rate correlator of Fig. 4-2.  Unlike that structure, where integration is per-

formed by transferring the signal charge of each sampling capacitor to the integrating

capacitor, CF, via an opamp, this correlator integrates the charge by simply connecting the

sampling capacitors together passively, i.e., without an opamp (see Fig. 4-3).  Thus this

implementation can be called a passive data-rate correlator.  The following observations

can be made about this passive approach:

1. The opamp has N full periods to settle instead of half a sample period as in the chip-rate correlator.

2. The settling time-constant of a SC integrator is proportional to 1/gm and roughly proportional to CS, espe-
cially if CS is large compared to CF and other capacitors.

2 N⋅
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1. No integrating capacitor is needed.  The combination of all the sampling capacitors

forms the integrating capacitor.

2. No opamp is needed.  Switches perform the charge transfer.

3. No settling time restriction by limited opamp bandwidth.

4. No opamp static power dissipation.

Hence, this new passive architecture is both faster and lower in power (only dynamic

power).

4.2 Passive SC Integration

The cost of this power/speed improvement is twofold; a charge-error cancellation

scheme is required and the gain is restricted to a value that is less than unity (as is common

for passive structures).  In active SC integrators, the opamp prevents charge errors from

Figure 4-3 Passive data-rate correlator; integration without an opamp.

vin vout

CS

t1 t2

CS CS CS

t3 tN•  •  •

Bank A

Bank B

vin

t2 timet1 t3 t4

•
•

• •

• • • •



4.2 Passive SC Integration 106

corrupting the summing node that contains the signal charge.  In the passive integrator, any

error charge deposited on the summing node can be cancelled by proper sequencing of the

sampling and additional zeroing switches.  In the process of removing this error charge

some signal charge is destroyed and results in a signal strength reduction.  Being passive,

the correlator itself cannot restore or amplify the signal which results in a less-than-unity

gain that is determined by the ratio of sampling to parasitic capacitances.  The next sub-

sections covers the details involved with SC sampling and integration. 

4.2-1 Charge errors in active SC integration

Before considering charge errors in the passive SC integration approach, it may be

helpful to review what happens to these errors in an active SC approach.  Consider the

simple SC integrator of Fig. 4-4.  The input signal is applied to the sampling capacitor

(CS) when switch S1 is closed and a sample of the input is captured on CS when S1 opens.

Next S2 is closed and the signal charge from CS is transferred onto the feedback integrat-

ing capacitor (CF).  Ignoring the parasitic capacitors, Cp1 & Cp2, and assuming an ideal

opamp, the change in the output voltage will be the change in the voltage across CF due to

Figure 4-4 Single-ended active SC integrator
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the signal charge, qS.  Thus:

(4 - 1)

where vS is the sampled value of vin that is stored on CS prior to integration.  The minus

sign is due to the inverting configuration of the opamp.  Thus the ideal closed-loop gain

for this integrator is:

(4 - 2)

Now the parasitic capacitors, which may include the source/drain diffusion-to-bulk

capacitance of the switches, the parasitic peripheral capacitance of CS
1 or any stray

metal/poly capacitance, are added to the analysis.  The input sample is now captured on

both CS and Cp1 so subsequent integration will yield:

(4 - 3)

and thus:

(4 - 4)

So Cp1 adds a gain error term relative to the value of CS making the gain parasitic sensi-

1. This peripheral capacitance is the parasitic capacitance that is unavoidably formed by the lower plate of
the capacitor to substrate or well, as such it is usually some constant percentage of the main capacitance.
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tive.  Since Cp1 is partly composed of non-linear junction capacitance (source/drain to

bulk of the switches), this error, and thus the gain itself, has a voltage dependence compo-

nent.  While increasing CS will reduce this error,1 nonetheless, the non-linearity will give

rise to harmonic distortion.  (Notice that Cp2 does not cause any error since its voltage is

unchanged before and after the integration of qS.)

4.2-2 Bottom-plate sampling

The way to avoid this problem and achieve parasitic insensitive gain, is to use bot-

tom-plate sampling [1].  This is accomplished by using the configurations of Fig. 4-5.

Fig. 4-5(a) is the configuration used when continuous integration is needed as in

sigma-delta ADC’s [2] and SC filters [3].  In contrast, Fig. 4-5(b) is used for inte-

grate-and-dump type operations as in pipelined ADC’s [4] and other sample-and-hold

applications.  In both configurations, it is the bottom plate that captures the input sample

rather than the top plate of CS (S1 and S3 closed).  Consequently it is Cp3 rather than Cp1

that also captures the input signal, however the charge on Cp3 is shorted to ground by S4

during the integration period instead of being included with qS (see Fig. 4-5(c)).

Notice that in contrast to equation (4 - 2), bottom-plate sampling inverts the sampled

charge, qS, resulting in a positive closed-loop gain of:

(4 - 5)

1. To the extent that Cp1 is independent of CS

ACL

CS

CF
-------=
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Note also that the voltage across Cp1 and Cp2 is the same before and after the integration

cycle so they do not contribute any error charge to CF, assuming an ideal opamp.  

Figure 4-5 Bottom-plate sampling for parasitic insensitivity.
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4.2-3 Charge injection and clock feed-through errors

Charge errors associated with MOS transistors that are used as switches in SC inte-

grators are addressed next.  This is best illustrated with a single NMOS transistor1 and

capacitor as shown in Fig. 4-6.  Charge injection refers to that portion of the switch’s

channel charge, qch, that is injected onto the sampling capacitor when the switch is turned

off (Fig. 4-6(b)).  The clock feed-through is due to the coupling of charge via the parasitic

1. For simplicity, this discussion uses NMOS switches, but everything applies equally to PMOS or CMOS
switches.

Figure 4-6 Charge injection and clock feed-through

���������������
���������������
���������������

���������������
���������������

vin vout

vclk (Vdd)

CS

Cgd

qch

vin vout

vclk

CS

Cgd

β qch⋅α qch⋅

(a) transistor is on (b) charge injection from turn-off

� ��������������������������������������

(c) clock falling-edge waveform

vclk

Vdd

vin+Vt

0

CS

Cgd

∆vclk

∆qcf

qcf∆ vclk∆
Cgd CS⋅
Cgd CS+
----------------------

 
 
 

⋅=

(d) clock feed-through



4.2 Passive SC Integration 111

gate-to-drain capacitance of the transistor switch when the clock makes a transition

(Fig. 4-6(d)).  

For charge injection, the channel charge is:

(4 - 6)

Due to its dependence on vin, injection of qch is also known as signal-dependent charge

injection.  When the switch is turned off, some of this channel charge is injected back into

the input and some onto the sampling capacitor.  How much is injected depends on the rel-

ative impedance that the switch sees looking into CS and vin, and the fall time, tf, of the

clock signal [5].  In [5], it was found that for slow fall times, a higher fraction of qch flows

into the lower impedance node.  As the fall times get faster, the channel collapses quicker

and qch divides more evenly between the two nodes (from Fig. 4-6(b), α = β) independent

of their impedances.  In the typical situation where the input impedance is lower than the

impedance of the sampling capacitor, for slow fall times, the channel exists longer, allow-

ing the channel charge to flow back into the input, further decreasing the amount of

injected charge1 onto CS.  Thus for a low impedance input, the charge injection onto CS for

two limiting cases of fall times are:

1. Extremely slow tf: β⋅qch = 0

2. Extremely fast tf: β⋅qch = 0.5⋅qch

1. Note that for a NMOS switch, the channel charge is negative so that the net charge on CS will decrease
(assuming qS is positive) when the switch turns off.

qch W L Cox vin Vt+( ) Vdd–( )⋅ ⋅ ⋅=
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The actual magnitude of the charge injection falls somewhere between these two values

and is dependent on the clock fall time.1 

The clock feed-through charge, qcf, that is deposited onto CS is the same amount that

is deposited on the top-plate of Cgd, by Kirchoff’s current law, so it is determined by the

equivalent capacitance seen by ∆vclk, i.e., the series combination of Cgd and CS

(Fig. 4-6(d)).  However, it too is modulated by the speed of the fall time.2  For slow tf,

while Vclk is higher than vin+Vt, the input will absorb any ∆qcf that is deposited on CS, thus

only for Vclk lower than vin+Vt will charge be coupled onto CS.  When tf is fast, the input

will not have time to absorb the charge so all the charge will get coupled to the sampling

capacitor.  This can be summarized as:

1. Extremely slow tf:

2. Extremely fast tf:

Combining these results yields the following:

1. Extremely slow tf:

1. If the input impedance is higher than the impedance of CS then it is possible that the charge injection onto
CS can be higher than half the channel charge according to [5] but this is not usually the case.

2. Even though there is also clock feed-through on the rising edge of the clock, it has no affect since once
the switch is turned on, the input signal will determine the value on CS.

qcf∆ vin Vt+( )–
Cgd CS⋅
Cgd CS+
----------------------

 
 
 

⋅=

qcf∆ V– dd

Cgd CS⋅
Cgd CS+
----------------------

 
 
 

⋅=
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(4 - 7)

2. Extremely fast tf:

(4 - 8)

The first term in both cases represents a gain error, where ideally the gain should be unity.

The latter terms represent offset errors.  Since the actual values for both the gain and offset

errors vary between these two extremes, depending on the speed of the falling clock edge,

the unpredictability of these errors requires a method for their cancellation or avoidance if

accurate SC integration is to be achieved.

4.2-4 Avoidance of signal-dependent charge injection

[6] and [7] present a technique for avoiding the signal-dependent charge injection by

adding another switch and delaying the turn-off of the input switch (see Fig. 4-7).  In this

technique, when the new switch (M1) is turned off first, it injects a charge, qch1, onto the

sampling capacitor equal to (assuming a fast falling edge for v1(t)):

(4 - 9)

which is independent of the input signal and can be negated by using a differential archi-

vout

qS qcf∆+

CS
----------------------- vin 1
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⋅
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2
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tecture as described later.  Once M1 is off, the net charge on the “summing node” (see

Fig. 4-7(b)) cannot be disturbed by any changes in the input circuit, preventing corruption

of the sampled signal charge.  Thus despite changes by the input signal after M1 turns off

but before M3 turns off, or charge injection and clock feed-through when M3 turns off

(which both cause charge to be transferred between CS and Ccp1) the net charge at the

Figure 4-7 Charge injection error avoidance by turn-off delay of input switch.
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summing node remains unchanged.  This net charge, qsn, is:

(4 - 10)

where qS is the signal charge and Q1
1 is the sum of injected and clock feed-through charge

due to the turn off of M1.  

To understand how qS can be recovered, the bottom-plate sampling circuit of

Fig. 4-5(b) is used, except redrawn as shown in Fig. 4-8.  During the sampling period, M1

turns off first, effectively isolating the summing node and preserving the net charge, qsn,

1. Note that Q1 is negative in this instance.

Figure 4-8 Bottom-plate sampling with input switch turn-off delayed.
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as given in (4 - 10) (refer back to Fig. 4-7).  Although there is an additional capacitance,

CF, attached to the summing node, it does not add any charge to the node since it is shorted

out prior to turning off M1.1  As before, when φ1 turns off M3 (and now M5a), there is

charge transfer between CS and Cp1 (and CF) due to charge injection and clock

feed-through but no change in the net charge at the summing node.  Similarly, when the

integration cycle begins by turning on M4 & M5b and proceeds to completion, charge is

redistributed but no change in the net charge at the summing node occurs.  

At the end of the integration cycle, the opamp (assumed ideal) forces the summing

node to zero volts through the feedback connection of CF, resulting in the transfer of all

the charge on CS and Cp1 onto CF.  The output voltage is then:

(4 - 11)

where:

(4 - 12)

In (4 - 11), the first term is the desired gain component and the second term is an offset

error due to charge when M1 turns off, that need to be eliminated in order to obtain an

accurate result.  

1. Assuming an integrate-and-dump scheme.

vout

qS Q1–

CF
------------------ vin t1( )

CS
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-------

 
 
 

⋅
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-------–= =
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4.2-5 Elimination of charge offset errors

Cancellation of charge offset errors can be accomplished by using a differential

structure as in Fig. 4-9, that transforms this offset error into a common-mode signal, effec-

tively eliminating it.  Before considering Q1, a few observations about the differential

integrator should be made.  Unlike the single-ended version, the output side of CF is now

connected to the output common-mode voltage (Vcmo) of the differential amplifier during

φ1 rather than ground.  And although not shown (for the sake of clarity), the input side of

CF would normally be clamped to the input common-mode voltage (Vcmi) of the amplifier

during φ1a via two additional matched switches.  This implies that CF would contribute

additional charge to the summing node if Vcmi and Vcmo were not equal as assumed in the

single-ended case.  While this is true, since this charge is common to both the plus and

Figure 4-9 Differential SC integrator
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minus sides of the integrator, it is a common-mode signal and hence does not affect the

differential output.  

This same argument can be applied to the components of Q1.  From (4 - 12), it

appears that the clock-feed-through component, qcf, is identical for both sides of the inte-

grator and thus represent a common-mode entity.  And while this assumes fast fall times,

it is true even for slower fall times provided that the overlap capacitances of M1 are equal1

and CS+ matches CS−.

The charge injection component, βqch, is also a function of fall time,2 but again rely-

ing on symmetry and matching, it can yield a common-mode charge contribution.  How-

ever, as pointed out in [7], when the fall time is not fast enough to guarantee a 50% split,

the relative impedance on both sides of M1 will determine the charge injection mismatch.

The dominant impedance mismatch can be attributed to the input (M3) switches’ “on”

resistances (Ron) which will be unequal due to dissimilar source voltages (vin+ and vin−).

[7] offers one way to minimize this effect by using a transmission gate (CMOS switch)

instead of a single transistor switch which has less variation in Ron as the source voltage

varies.  It is hard to quantify this error since it depends on the value of tf, vin and matching

of M1 but it is greatly reduced from an absolute error (single-ended case) to a mismatch

error, and eliminated completely if M1 is turned off fast enough.   The mismatch injected

charge error of the common-mode input switches (not shown in Fig. 4-9 but connected to

1. This is best accomplished by making M1 out of two identical cross-coupled transistors.

2. β of  is used in (4 - 12) due to a fast fall-time assumption.
1
2
---
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the summing nodes and Vcmi) can be eliminated by adding another (falling edge) clock

phase prior to φ1a, to turnoff those switches as described in [8].

4.2-6 Isolation of the summing nodes

Before ending this section, a point needs to be highlighted about the importance of

isolating the summing node from noise coupling or other extraneous charge perturbations.

Charge injection avoidance relies on isolating and thus preserving the charge on the sum-

ming node.  The most common way to corrupt this net charge is by capacitive coupling

from stray signal, supply or clock lines and the substrate (bulk).  Shielding by a “clean”

(dedicated non-supply) ground line for the summing node traces and a bottom-plate

shield1 under the capacitors (CS and CF) will preserve the integrity of the summing node.

Fortunately, another benefit of the differential integrator configuration is that substrate

coupling usually occurs as a common-mode signal to the differential summing nodes (if

they are close to each other) so its impact is greatly reduced.

By taking the above precautions, the above techniques work well enough to reduce

the charge errors to levels suitable for 13 bit A/D converters [8],[9].

4.2-7 Charge errors in passive SC integration

In a passive sampling and integration scheme, many of the same considerations

apply as in the active scheme.  The main difference is in the way the integration is per-

formed; by transferring charge onto an integrating capacitor, CF, from the sampling capac-

1. A N-well, P-well or lower layer metal tied to “clean ground” depending on the type of capacitor.
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itor, CS, using an opamp (in the active approach), versus equilibrating charge on the

sampling capacitors (in the passive approach).  From a charge error perspective, the lack

of an opamp implies the loss of a feedback mechanism to force the summing node back to

a well-defined potential (virtual ground) and thus preventing the reversal of any

charge-error transfers that occurred at the summing node.  The passive approach compen-

sates by employing an additional switch and “zeroing” sequence to obtain a similar result.

Fig. 4-10 shows a single-ended version of a passive integrator.  Observe that the

clock signals are different for each set of sampling cells.  Unlike the active SC integrator,

the sampling capacitor will hold the integrated signal charge so both of its terminals can-

not be grounded.  Thus, at least Cp1, or Cp3, will hold some charge that is included as part

of the final integrated charge.  This implies that the integration result will be dependent on

at least one of these parasitics so there is less benefit from bottom-plate sampling.  How-

ever, it is still desirable to eliminate signal-dependent charge injection and clock

feed-through, by delaying the turn off of the input switch, M3, until after the sampling

switch, M1, has isolated the summing node [7] with the configuration shown in Fig. 4-10.

This structure by itself, is not sufficient for eliminating the charge errors, but is useful for

explaining the passive integration process.  A simple modification to the structure will

allow cancellation of the errors as described later.

Consider the operation of a single cell (see Fig. 4-11).  As in the active case, a sam-

ple is taken when M1 turns off (which will be denoted as time t1).  In the process, M1

injects an error charge, Q1, so the net charge, qn1, at node 1 is:
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(4 - 13)

and the charge, qCsb, on the bottom plate of CS is:

(4 - 14)

Figure 4-10 Single-ended passive integrator and timing waveforms.
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After a delay, M3 opens, disconnecting the input from CS at time t2.  In addition to M3’s

turn-off charge, charge is deposited on Cp3 and the series combination of CS and Cp1 due

to a change in the input signal during the delay between the turn-off of M1 and M3.  So the

resulting charge on the top plates of CS and Cp3, qCst and qCp3t, respectively, are:

(4 - 15)

(4 - 16)

where Q3 is the turn-off charge of M3 and:

(4 - 17)

(4 - 18)

Figure 4-11 Expanded view of one timing cycle in Fig. 4-10.
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Once M3 is off, node 3 is isolated and the net charge at that node is preserved.  That net

charge, qsn3, is:

(4 - 19)

where:

(4 - 20)

In (4 - 19), the second term can be minimized or eliminated entirely by using a differential

structure as in the active integration case.  However, the last three terms are dependent on

the input signal at time t2 and represent an uncorrelated error to the signal charge, qS, that

was sampled at t1 and must be cancelled before the charge integration step at t4.

4.2-8 Zeroing sequence

Fig. 4-12 shows a single cell of a differential passive integrator along with the asso-

ciated timing signals.  Transistor M4 is added to the integrator and a new clock pulse is

added to the cell timing between the sampling (t2) and integrating (t4) intervals.  This zero-

ing clock pulse will turn on switch M4, effectively cancelling the charge represented by

the last three terms of (4 - 19), converting them to common-mode signals.  In the case of

the charge on Cp3+ and Cp3− (fourth charge term), shorting them together clearly equates

their voltages and cancels any differential charge, but how the third, Q3,1 and fifth, Qe5,

1. To be precise, some of Q3 is on Cp3, so this pertains to that portion of Q3 on CS.
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terms are cancelled is not as clear to see.

How Q3 and Qe5 can be cancelled without destroying the signal charge, qS, relies on

the fact that qS is isolated and therefore preserved on the bottom-plate of CS and top-plate

of Cp1 (node 1) despite changes on the top-plate of CS (node 3).  Consider the diagram of

Fig. 4-13, which is the resulting circuit when M4 closes, excluding Cp3.  Intuitively, if V3+

and V3− were grounded, then V1+ and V1− would only reflect the net charge at the respec-

tive node 1’s, capacitively divided between CS and Cp1; thus q3+ and q3− would not con-

Figure 4-12 One cell of a differential passive integrator with timing diagram.
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tain any error charge (Q3 or Qe5).  If V3+ and V3− were equal and set to some voltage (Vz),

q3+ and q3− would contain an additional but equal charge, qcm:

(4 - 21)

and thus not altering the differential signal component, qS.  So by simply making V3+

equal to V3−, the differential charge, qdf, on CS± is restored to a charge proportional to qS:

(4 - 22)

This result is derived in Appendix B.

The final step is to turn on M1 and M2, thereby integrating the signal charge with the

other samples.  Due to three parasitic capacitances, the signal charge is once more attenu-

ated.  The three parasitic capacitors are Cp3, Cpo (per cell output bus capacitance)1 and

Figure 4-13 Cancelling charge errors prior to passive integration.

1. For a correlator, N cells in length, Cpo is the total output bus capacitance divided by N.
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Cox2 (gate-oxide capacitance of M2).    The final differential charge, qdf', is:1

(4 - 23)

With M1 and M2 on, the corresponding output differential voltage, vout, for the cell is:

(4 - 24)

where:

(4 - 25)

It is evident by (4 - 25) that the gain, Av, is less than unity and parasitic dependent (as

expected for a passive system).  This implies that good layout matching (as discussed in

Section 4.3-1) is needed not only for the main capacitors, CS, but the parasitic capacitors

as well, to minimize cell gain variations, i.e., correlator PN code variations.  As mentioned

previously (See “Isolation of the summing nodes” on page 119), it is important to shield

the summing nodes (nodes connected to CS) from extraneous charge coupling that can

1. The derivation of (4 - 25), and hence the validation of (4 - 23), can be found in Appendix B.
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introduce errors that cannot be cancelled.

4.2-9 Bottom-plate passive integrator

The passive integrator can also be implemented using a differential bottom-plate

architecture which is slightly less complex than the top-plate architecture described above.

Fig. 4-14 is the corresponding diagram to Fig. 4-12 for a passive bottom-plate integrator

Figure 4-14 Passive differential bottom-plate integrator cell.
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cell.  Using this structure, a separate zeroing step is not needed since any error charge on

the bottom-plate of CS and top-plate of Cp3 is shorted out during the integration step when

M4 turns on.  Again the summing node (top-plate of CS) charge is preserved once M1

turns off when the signal sample is taken so the only corrupting charge will be as a result

of M1 turning off (Q1) as before, which will be common-mode to the extent that the

impedances of the positive and negative sides match and/or the fall time of smp is "fast".

By avoiding the zeroing step, the signal loss due to charge-sharing with Cp1 is eliminated

so the voltage gain is:

(4 - 26)

4.3 Other Non-ideal Considerations in SC Designs

It is evident from (4 - 25) and (4 - 26) that layout and matching have a significant

impact on performance of a passive integrator, in particular, and of SC circuits in general.

This section will briefly cover those and other issues that one must address when working

with these analog circuit blocks.

4.3-1 Matching

Like most analog circuits, good matching of device geometries plays an important

role in circuit performance.  While matching of main components (capacitors, resistors

and transistors) is the primary objective, matching of circuit parasitics is usually of sec-

ond-order concern.  However, for the passive integrator, the gain is a direct function of the
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parasitic capacitances as (4 - 25) shows, so their matching is just as important.  Fortu-

nately, good matching of main components relies on using the same cell for all layout

instances so the parasitics tend to match as well as the main components except at the cell

boundaries.  Since boundary conditions influence the parasitics more than the main com-

ponents, care needs to be taken to ensure that each layout cell instance "sees" the same

neighboring structure as all other cell instances for each of its edges.  This usually means

using dummy cells at the ends of rows and columns of the layout.  

Another important matching dimension is the two sides, positive and negative, of a

differential structure.  As shown in the above derivation of error cancellation, good com-

mon-mode rejection relies on this positive to negative matching.  It is important to avoid

incorrect mirror symmetry which is a natural tendency when laying out differential struc-

tures.  Fig. 4-15 illustrates incorrect mirror symmetry as well as two correct alternatives

(mirrored and non-mirrored) for matching of transistors.

4.3-2 Summing node integrity

As mentioned previously (“Isolation of the summing nodes” on page 119), shielding

with grounded traces should be used to preserve the charge integrity on the summing

nodes of SC circuits.

4.3-3 Non-linearity of parasitic junction capacitance

The parasitic capacitances associated with a MOS transistor switch are the non-lin-

ear capacitances formed by the pn-diode junctions of the source and drain diffusions to the
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bulk material.  These capacitances are inversely proportional to the depletion width of the

reverse-biased junction which in turn is dependent upon the reverse-biased1 voltage, Vsb,

giving the following non-linear voltage dependence:

(4 - 27)

Figure 4-15 Mirror symmetry matching for differential structures.

1. For a NMOS transistor, the source(or drain)-to-bulk voltage would be the reversed-biased voltage.
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where Cj0 is the value when Vsb = 0, and φ (built-in potential) and m (grading factor) are

process parameters.  For the passive integrator, Cp1 is predominantly the drain-bulk junc-

tion capacitance of switch M1.  Cp3 is made up of the junction capacitors from M2, M3

and M4, plus the parasitic peripheral capacitance of CS and the metal-interconnect capaci-

tance of that node.  Normally the parasitic peripheral capacitance of CS will dominate Cp3,

lowering the influence of any junction capacitance non-linearity.

The voltage dependence of the junction capacitors translates to a variation of the

gain (see (4 - 25)) depending on the bias voltages of Cp1 and Cp3.  In the case of Cp1, it is

the bias voltage during the "zeroing" phase that determines the value of Cp1, since this is

the capacitance value that determines the amount of charge sharing with CS as given by

(4 - 22).  As for Cp3, its effect on the gain is only dependent upon the final integrated out-

put voltage value, i.e., the Cp3 gain factor1 is not dependent on the individual sampled val-

ues.  In contrast, the Cp1 gain factor (4 - 22) varies for each sampled value and thus

diminishes the ability of the top-plate passive correlator to completely reject undesired

orthogonal signals (users) of a CDMA waveform which decreases the SNR of the output

signal.  [Note that the gain of the bottom-plate passive integrator (page 127) is not a func-

tion of Cp1 and thus does not have this problem.]  Thus the effect of Cp3’s non-linearity is

not a function of the individual sampled signals, is attenuated by the larger parasitic

peripheral capacitance of CS and can thus be neglected; whereas for Cp1, its non-linearity

can decrease SNR for CDMA waveforms and needs to be addressed.

1. Second factor in (4 - 25).
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Assuming that Cp1 is only composed of M1’s junction capacitance, the differential

charge error, Edq, due to the non-linearity can be written as (see Appendix B):

(4 - 28)

where:

(4 - 29)

(4 - 30)

(4 - 31)

(4 - 32)

(4 - 33)
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(4 - 34)

∆V is the voltage difference, with respect to the common-mode voltage, Vcm, of the

top-plates of Cp1+ and Cp1−, respectively and Vz is the voltage of the top-plate of CS when

M4 is closed (see Fig. 4-12 or Fig. 4-13).  The first term (E1) represents the direct gain

error due to the variation of Cp1+ and Cp1−; the other terms (E2 and E3) can be attributed

to unequal Q1 and VX/VY components, respectively, during the zeroing operation (M4 is

closed).

From the above equations, the error terms are ultimately all scaled by the ratio of Cj0

to CS which can be expressed as:

(4 - 35)

where W is the switch size (width), Ldfu is the length of the source/drain diffusion for a

given technology, and Cj is junction capacitance area density for a given technology.

(4 - 35) suggests that increasing CS with respect to the sampling switch size can make the
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error arbitrarily small.  However, the processing speed of the passive SC integrator is

directly related to the sampling-mode bandwidth, ωS,  given by:

(4 - 36)

where Ron is the switch on-resistance for a transistor in the triode region (Vds ≅  0V).  For a

given technology (oxide thickness (tox) and Lmin fixed) and supply (Vdd fixed), sampling

speed is proportional to .  Combining this fact with the above equations for Edq creates

a trade-off between processing speed and error, i.e., increasing the speed by decreasing CS

and/or increasing the sampling switch size increases Edq, or conversely, decreasing Edq

decreases the speed of the passive integrator.  Fortunately, (4 - 36) indicates that if tech-

nology (tox and Lmin) scales downward faster than supply voltage (Vdd), the processing

speed will increase for a given level of non-linear error due to Cp1.

4.3-4 Sampled thermal noise (kT/C)

When switched capacitor circuits sample a signal, the thermal noise of the switch is

also captured on the sampling capacitor.  The power (variance) of these noise samples,

NSi, is:

ωS
1
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(4 - 37)

where k is Boltzmann’s constant and T is absolute temperature.  For a typical SC active

integrator circuit, this kT/C noise can be comparable to the opamp noise and limits how

small CS can be.  In a passive SC architecture with no opamp, this can be the dominant cir-

cuit noise source and can determine the minimum size of CS.  However, for the passive

integrator, the noise samples are added together during the integration cycle which effec-

tively reduces the total noise power with respect to the signal power.  This can be viewed

in two ways.  First, from Chapter 3 using the concept of processing gain for a SS correla-

tor, the power of any uncorrelated signal will be reduced by the processing gain, Gp, i.e.:

(4 - 38)

where N is the correlation length.  Thus the output or post-integration noise power, NSo, is

(4 - 39)

A second way to view the processing of the kT/C noise samples is to realize that dis-

crete-time correlation or integration averages the noise samples.  Assuming each noise

sample is independent and has the same variance (power), then their average will have a

variance that is lower by a factor of N, i.e., the output noise power will conform to (4 - 39).

An intuitive interpretation of this result is that the output noise is attributed to the entire

sampling array rather than just a single sampling capacitor.  Thus for large correlation

lengths, small sampling capacitors can be used with reasonable noise power.
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Chapter 5

DS-CDMA Baseband 
Receiver Prototype

To demonstrate the high-speed and low-power capabilities of the passive

switched-capacitor integrator, six analog binary correlators were integrated as part of a

DS-CDMA baseband receiver integrated circuit (IC) operating at 64Mchip/s.  The proto-

type chip was fabricated in a 1.2µm double-poly double-metal CMOS process.  

This chapter is organized into four sections.  The first section gives a brief descrip-

tion of the InfoPad Physical Layer subsystem for which this prototype was defined, fol-

lowed by an overview of the entire baseband receiver prototype in Section 5.2.

Section 5.3 presents low-power digital design techniques that minimize the dynamic

power dissipation which comprises the bulk of the chip’s power due to the passive nature

of the correlators.  To conclude the chapter, Section 5.4 covers those blocks involved with

the synchronization (acquisition and tracking) process. 

5.1 Brief Overview of the InfoPad Physical Layer Subsystem

The prototype IC was defined as part of the InfoPad [1] project’s physical layer sub-



5.2 General Description of the Baseband Receiver 138

system.  The InfoPad project at UC Berkeley was research in low-power IC methodolo-

gies applied to the design of an indoor cellular-like base station and portable pen-based

terminal system, with high-speed (2Mb/s) downlink data transfer, hardware hand-writing

recognition and A/V compression capabilities.  The downlink physical layer subsystem

was a DS-CDMA system patterned after Qualcomm Inc’s cellular phone system.  Since

the prototype was a baseband system, the RF modulation and transmission as well as the

RF reception and demodulation details are omitted but the reader is directed to [1] or the

InfoPad project website at UC Berkeley (http://infopad.eecs.berkeley.edu/) for more infor-

mation.

The prototype system had a spread factor of 64, a PN-sequence length of 32,768

chips, a data rate of 2Mb/s with quadrature phase-shift keying (QPSK) modulation, a

tracking correlation length of 896 and a multi-user modulation using a 64-code Walsh

function.  A standard delay locked-loop (DLL) employing Early, Late and Data correla-

tors required sampling the input signals at twice the chip rate (128MS/s) to maintain

chip-phase tracking.

5.2 General Description of the Baseband Receiver

The realization of the DS-CDMA receiver system was partitioned into three parts;

the correlator and state-machine (COR) block, the analog-to-digital converter (ADC) and

back-end digital processing (FPGA) block (see Fig. 5-1).  The COR and ADC blocks were

integrated as a single CMOS chip whereas the FPGA was an off-the-shelf field-program-
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mable gate array.  The prototype chip developed in the research project by T. Cho [2] was

used as the ADC block with only minimal modifications to its interfaces to combine it

with the COR block.  All timing for both the ADC and FPGA was generated in the COR

block while the COR block derived all its timing from an external 256MHz frequency

source. 

The FPGA block performed the output-word alignment,1 as well as the digital cor-

rection, needed for a pipelined A/D converter.  It also demultiplexed the six correlator out-

puts, accumulated the partial-correlation sums, compared the Early to Late sums (tracking

mode) and compared the Early and Late sums to the acquisition threshold (acquisition

mode).  Its outputs (Shift, Up and delay2Tc) were sent to the COR block to close the syn-

chronization timing loop.  Because it only needed to operate as fast as the ADC block

(8MHz), and it could be reprogrammed for different acquisition and tracking algorithms

during the testing phase, this block was implemented as an external FPGA rather than as

Figure 5-1 Experimental DS-CDMA baseband receiver (simplified block diagram - clock 
connections omitted).

1. If not done internally, the outputs bits from each pipeline stage need to be pipe-organ buffered to align all
the bits for each complete A/D conversion.
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one of the blocks in the prototype chip.

Fig. 5-2 is an expanded view of the prototype IC chip.  It incorporated six passive

correlators, a 16-stage PN-code generator, two sets of Walsh-code registers, a 256MHz

digital phase shifter (DPS), a 1024-state machine, three 4-to-1 multiplexers (IMUX), three

variable gain amplifiers (VGA), a 3-to-1 multiplexer (OMUX) and a single 10-bit pipe-

Figure 5-2 Simplified block diagram of prototype IC.
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lined ADC.  The chip used a dual power supply; 5V for the COR block and 3.3V for the

ADC.  While the ADC incorporated voltage-boosted supplies for the switches it needed,

allowing operation at 3.3V, the number of switches needed by the COR block was too

great to justify voltage boosting, so a 5V supply was used.  The chip was designed to pro-

cess both in-phase (I) and quadrature (Q) signals at 1Mb/s, to accommodate QPSK type

modulations.  This yielded an aggregate data rate of 2Mb/s.  In each signal path (I and Q),

there were three correlators (Early, Late and Data), which were arrayed in a delay-locked

loop (DLL) configuration for synchronization and demodulation [3].  With a spreading

factor of 64, each passive correlator was composed of 64 differential sampling/integrating

cells.  Twelve physical correlators were arranged as two banks of six logical correlators to

accomplish the time-interleaved sampling and integrating operations needed for a passive

correlator (see "Passive data-rate correlator" in Chapter 4).  Data for the on-chip shift reg-

isters were downloaded from a lab computer to alter the PN-sequence generator seed, the

Walsh-code value and the VGA gain values. 

5.3 Low Power Digital Design

The advantage of a low-power high-speed passive-analog correlation technique can

be diminished if the power of the digital circuitry is excessive or extravagant, therefore

some effort was devoted to developing low-power digital techniques.  The basic approach

was to address the power consumption at the circuit level by minimizing the capacitance

(C) or frequency (f) of the digital blocks based on the dynamic power equation:
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(5 - 1)

With a power goal in the range of tens of milliwatts, the strategy was to operate as much

circuitry as possible at the lowest clock frequencies.  

5.3-1 Timing and control shift-register chain

The timing and control signal generation for the twelve 64-cell correlator chains

consumed the highest dynamic power, because of its size (70% of the COR block) and

operational speed (64MHz), so minimizing its power was most important.  A single corre-

lator chain was composed of 64 differential sampling/integrating cells (see Fig. 5-3).1  A

differential input and differential output bus connected all 64 cells in common.  Each cell

required four dynamic timing signals (input, sample, zero and integrate) and one static

control signal (PN-code bit).  The successive-sampling scheme translated to staggering

each cell’s timing signals in time as shown in Fig. 5-4.  How these signals are generated

and distributed has a large impact on the power consumption, so how to accomplished

this, in the most power efficient way, was the main focus.  

Centrally generating all the control signals and routing to each cell of each correlator

chain was not practical because of timing skew and layout logistic problems.  The most

straight-forward approach is to generate the signals at one end of a correlator chain and

propagate them down using four shift-register chains (see Fig. 5-5a).  The drawback with

this approach is that each shift register is being clocked at 64MHz, which translated to

1. Two such chains (one per bank) are needed to implement a single correlator (see Fig. 4-3).

P C Vdd
2

f⋅ ⋅=
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2.56mW per correlator chain in clock power alone, assuming a 25fF clock load per shift

register.  Another approach is to generate each set of signals locally1 using the clock and a

single timing (start-pulse) signal (see Fig. 5-5b).  Local generation is well suited for this

application because of the large amount of idle time (low duty cycle) for the timing sig-

nals.  Local generation also reduces the clock load, and hence the clock power, at the

Figure 5-3 Detailed view of one differential sampling cell with timing diagram.
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expense of some additional combinational-logic power.  However, the clock load of the

combinational logic will likely exceed that of a single shift register resulting in little power

Figure 5-4 Staggered timing signal waveforms for successive sampling.

Figure 5-5 Two approaches to generating staggered timing signals.
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savings, if not increased power dissipation, over the generate-and-distribute approach.  A

modification to the local-generation approach is needed that will reduce the capacitance

that is being clocked at 64MHz. 

Two methods are possible to solve this clock-loading problem; both using the

start-pulse signal that propagates down the correlator chain to start each cell’s sampling

sequence.  The first method is to use self-timed circuits where the sequencing of the gener-

ation logic can rely on inherent gate-delays.  These types of circuits have the potential

problems of race conditions, metastability and increased transitions1 from long tim-

ing-delay chains.  The second method is to derive the necessary timing information by

multi-tapping the start-pulse shift-register chain (see Fig. 5-6).  This effectively creates a

finite-length clock signal to run each local signal generator with the following two bene-

Figure 5-6 Minimize clock load by multi-tapping propagating start-pulse shift register 
chain (mid-chain example).

1. Increasing the number of transitions increases the effective frequency and hence the power.
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fits:

1. The high-speed clock (64MHz) is loaded by a single shift-register chain, i.e., it

does not have to drive the logic.

2. Automatic state decoding: the occurrence of each tap pulse automatically identi-

fies a specific chip time.  This significantly reduces the complexity of the generator

logic and the associated switching power.

With its better power performance, the latter method was adopted in the prototype

IC.  In the actual implementation, timing signal edges were aligned to the clock and a neg-

ative start-pulse was used to ease the design by favoring NAND logic (see Fig. 5-7).  The

Figure 5-7 Local-generation logic and timing diagrams for one cell (cell 24 example).
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simplicity of the logic benefited greatly from not having to embed a state machine in each

logic block.1

The next decision is the type of shift-register element to use that dissipates minimal

power.  Any D-type or master-slave flip-flop circuit can be used but exploiting the charac-

teristics of the start-pulse SR chain will permit additional power savings.  The SR chain

has the following characteristics (+) and requirements (−):

1. (+) Low duty cycle.  A given register is idle most of the time.

2. (+) Edge-triggering is not crucial.  Input signal is stable for a long time.

3. (−) Low clock input capacitance.  This directly impacts the dynamic power.

4. (−) No internal node transitions while flip-flop is being clocked and input is not

changing (IDLE).  Extraneous internal transitions increase the dynamic power.

5. (−) Static design.  This will permit stopping the clock for a correlator bank during

the integration phase (described later in this section).

The simple master-slave flip-flop (MSFF) of Fig. 5-8 met the above requirements and

took advantage of the relaxed characteristics (1 and 2 above).  The key features of this

structure are:

1. Simplicity and static design.  Minimizing the number of elements (transistors) and

their sizes, in general, reduces the parasitic capacitance thus increasing the speed

1. Note that only four taps are needed (tp27 is not used in the example of Fig. 5-7).  "end-intg" is a global
signal for each correlator signaling the end of the integration period.
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while reducing the power.  The static design eliminates any glitching during IDLE.

2. A clock input load limited to 2 transistors (about 20fF).  Together with another

10fF (per cell) of metal clock-line capacitance results in a clock power of 3.1mW

per correlator or 16mW1 for all correlators.  Most other flip-flop implementations

have 4 or more transistors loading the clock inputs and thus contribute to higher

clock power.

Figure 5-8 Shift register chain flip-flop (MSFF).

1. There are 8 timing SR chains for the 12 correlators but they run at a 62.5% duty cycle due to another
power saving technique that is described later (see “Bank-selected correlator clocks” on page 153).
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3. Feedback inverters can be slow and weak, thus dissipating less short-circuit

switching power.  This is a direct consequence of having a stable input signal dur-

ing the master or slave latching cycle.  The feedback inverters re-establish

full-swing outputs allowing the use of single polarity switches (M5 and M6) which

would otherwise have to be transmission gates (CMOS switches) that would dou-

ble the clock power.

4. Split-gate transistors.  Weak feedback inverters imply minimum-width long-chan-

nel devices which present a high gate capacitance to the forward inverters, decreas-

ing speed and increasing power.  To improve the performance in speed and power,

a split-gate technique was used for M3, M9 and M10, where a minimum-length

transistor segment was connected to an "always on" larger transistor segment

reducing the switching load for the forward inverters.1

To quantify the results, Table 5-1 presents the power estimates2 for the gener-

ate-and-distribute and modified local-generation approaches.  These results show that the

local-generate approach can reduce the power by a factor of three over the straight-for-

ward generate-and-distribute approach due primarily to reducing the 64MHz clock capaci-

tance.  

1. From simulations, this gave the latch a 3X improvement in power-delay product.  The gate of M4 was not
long enough to benefit from splitting.  Minimum gate width was 2.4µ.

2. These estimates are the power for all correlator timing chains and local generating logic.  Their derivation
can be found in Appendix C.

TABLE 5-1 Timing-Signal Generation Power

Approach Power

Central generation and distribution 81.89 mW

Local generation with multi-tapped clock 27.54 mW
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5.3-2 Double-latched PN generator outputs

Another circuit that operated at the highest clock rate, and therefore could benefit

from power-conscious design, was the PN generator block.  Though the absolute power

savings using this double-latched approach turns out to be modest, the relative or percent-

age savings is significant (see Table 5-2 at end of section).

The PN-sequence length of 32,768 chips, was chosen to be a multiple of the spread-

ing factor (64 chips) to ease implementation and acquisition time.  This sequence length

meant using a 16-stage, rather than 15-stage, PN generator, and selecting a 32,768

sub-sequence from the 65,535 chip-sequence total (see Chapter 3).  To ease the

end-of-sequence detection, the PN generator is loaded with a 16-chip seed word such that

the sequence ends when all 16 registers contain a "1".  Optionally, this seed word can be

loaded externally to alter the generated sequence length for testing purposes.  Fig. 5-9 is a

Figure 5-9 16-stage PN generator schematic with parallel load of the "seed" word at 
end-of-sequence (all ones) detection.
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simplified schematic of the 16-stage PN generator.  

When a 64-chip sub-sequence is generated, it is latched and held for the duration of

the integration period.  The alternating sample-and-integrate dual-banking scheme

required two 64-chip latches, one for each bank.  The most straight-forward way of load-

ing the latches is to extend the PN generator by adding an additional 48 shift-registers and

performing a 64-chip parallel load into the latches (see Fig. 5-10(a)).  This has the disad-

vantage of having to clock the additional 48 shift-registers at 64MHz (an estimated 3.4mW

in clock power).  A lower power approach may be to distribute the PN generator outputs to

eight 16-chip sub-latches (see Fig. 5-10(b)) where four sub-latches comprise one 64-chip

bank latch.  Now the 64MHz clock load is limited to the 16 PN generator shift-registers

which lowers the clock power by a factor of 4.  However this result ignores the power dis-

sipated by the outputs of the PN generator registers that have to drive the latches.  As

shown in Appendix C, when this power is included in the analysis, this second approach

dissipates an equivalent amount of power due to the capacitance of the 16 bus lines.1  A

characteristic of the PN sequence is that the generator’s outputs have an average frequency

of 1/4 of the clock frequency,2 i.e., 16MHz in the case of the IC prototype.  It is apparent

that this frequency is still high enough to warrant some method of reducing the load capac-

itance in order to reduce the power.

By adding another 16-chip (master) latch between the PN generator and the 8

1. All inferences to a process assume a 1.2µm CMOS double-poly double-metal technology unless specified
otherwise.

2. Based on code distributions for maximal length pseudo-random noise sequences (see Appendix C).
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sub-latches, the bus line and sub-latch capacitance can be isolated from the 16MHz out-

puts thus reducing the power.  Now the generator outputs see only a single register load

and negligible metal-line capacitance (assuming that the master latch is located next to the

PN generator).  Further, the clocking frequency of the master latch is 1/16th of the PN

Figure 5-10 Latching a 64-chip output from the PN generator.
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generator (4MHz), so the average rate of its outputs is 1MHz (1/4 the clocking frequency)

which reduces the power to drive the sub-latch bus by a factor of 16.  Table 5-2 presents

the relative power dissipation of the three PN generator and latch subsystems of Fig. 5-10

based on calculations from Appendix C.  Thus, as stated previously, the absolute power

savings of the double-latched1 approach over the two other approaches is modest, but the

relative power savings is large (factor of 3.5 to 4).

5.3-3 Bank-selected correlator clocks

The next technique saved more absolute power than the previous scheme, but it is a

fairly common technique and less significant in terms of percentage power savings, so it is

presented last.

In the dual-banking scheme for a given correlator, one bank samples while the other

integrates the previous 64 samples.  Since the integrating bank cells are idle during the

integration cycle, the 64MHz clock can be stopped to save power.  However a power

reduction of 37.5% instead of 50% was realized because the multi-tapping clock configu-

ration of the local signal generators (see Fig. 5-6) required some overlap of the clock sig-

TABLE 5-2 Latching Scheme Power Comparison

Latching Scheme Power

PN Generator with 48 SR extension 6.25 mW

Single-latch configuration 7.04 mW

Double-latch configuration 1.71 mW

1. In the prototype IC, the latency caused by the double-latch configuration was compensated by shifting the
PN generator ahead in time with respect to the main-state machine.
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nals to the banks.1  The bank select power savings is applied to the results of Table 5-1 and

presented in Table 5-3.  In this instance, the percentage power savings is modest but the

absolute savings is significant.  

5.3-4 True Single Phase Clocked (TSPC) D-type flip-flop (DFF)

The DFF structure (Fig. 5-11) used throughout the prototype IC (other than the static

shift-register used in the correlator timing chain - see “Timing and control shift-register

chain” on page 142), was the one based on the TSPC-2 latch described in [4].  Although

not a low-power design technique developed in this work, its efficient design and good

performance merits mention.  After simulating a number of candidates, it was found to

have the lowest switching power and clock input capacitance while being one of the fastest

implementations.  

5.3-5 Summary

Significant power reduction in the digital circuitry can be achieved by using design

techniques that shift capacitive loads (load-shifting) to lower operating frequencies

(multi-tapped timing chain with local signal generation and double-latched outputs) or

TABLE 5-3 Timing-Signal Power & Bank Select

Approach Power

Central generation and distribution 81.89 mW

(with bank select) 51.18 mW

Local generation with multi-tapped clock 27.54 mW

(with bank select) 17.22 mW

1. The power reduction could have been increased a few more percent but the added complexity to the
clocks were not justified.
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reducing the effective frequency (bank-selected clocks).  The key technique of multi-tap-

ping the timing chain provided the generation logic with automatic-state-decoding and

clocking information, thereby helping to minimize its gate-count.  This coupled with a

split-gate low-input-capacitance MS flip-flop (MSFF) resulted in a three-fold reduction in

the power for generating and routing the clock signals (Table 5-1).  Double-latching the

PN generator outputs effectively accomplished load-shifting to achieve about a four-fold

power savings for the PN generator block (Table 5-2).  And stopping the clocks to the cor-

relator bank in the integration phase helped to save 37.5% of the correlator power.  The

combined impact of all these techniques was a 79% reduction in power for these circuits

or almost 50% (69mW) reduction in power for the whole prototype IC.

Figure 5-11 Dynamic D-type flip-flop based on the TSPC-2 latch.
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5.4 Synchronization and Demodulation Circuits

Before demodulation can proceed, the internal PN sequence must be aligned, or syn-

chronized, to the same sequence embedded in the incoming received signal.  This is

accomplished by first acquiring a coarse open-loop alignment then closing a feedback

loop to track and maintain the alignment.  The correlation lengths and modulating signals

used for the synchronization and demodulation differed due to the dual modulation

scheme of the DS-CDMA system.

5.4-1 PN-sequence and Walsh-function modulations

To accommodate up to 50 users in an indoor cellular area, the system was designed

to use a  spreading  factor of  64  which  results  in two 64Mchips/s CDMA data streams

for a 2Mbit/s QPSK data rate.  Using Walsh functions to modulate the users’ data not only

yielded 64 distinct codes but also made the transmitted signals mutually orthogonal due to

the synchronously-orthogonal nature of Walsh functions.1  However, the "whitening" and

near-ideal autocorrelation property of the PN code was still necessary for successful phase

acquisition and tracking, consequently, a second modulation by a long PN sequence was

employed.  The PN code was 32,768 chips which is longer than the 64-chip data bit so the

PN code recycled every 512 data bits.  This longer PN code permitted processing-gain

(GP) improvement of the acquisition and tracking correlation, of upwards to 45 dB, by

increasing the correlation length if more robust synchronization is desired.  Of course,

longer tracking correlation lengths translate to infrequent timing updates which can be

1. See Section 3.4 for more information.
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problematic due to the mismatch between the transmit and receive timing-reference sig-

nals.1  A correlation length of 1024 chips for tracking and acquisition was chosen as a

good compromise between timing drift and adjacent-cell interference problems based on

simulations in [5].  A 1024-chip correlation is accomplished by summing sixteen 64-chip

partial correlation results.  However, in the actual implementation only 14 partial-correla-

tion results (896 chips) were summed, allowing time (2µs = 128 chips) for the comparison

and update-signal generation within the FPGA block.  Thus the correlation length for

tracking and acquisition was 896 chips (GP = 30dB) and for data demodulation was 64

chips (GP = 18dB).2

5.4-2 Acquisition

A correlation length (896 chips) larger than a data bit (64 chips) would normally

compromise the acquisition process through random data modulation of the partial corre-

lation values (see Section 3.6).  However, modulation by the Walsh functions avoids this

difficulty by reserving one orthogonal code for a tracking and acquisition signal

(pilot-tone) that is free of any data modulation.  To ease the receiver design, the first Walsh

code (all ones) was used for this signal, yielding a pilot-tone composed solely of the PN

1. The InfoPad downlink system was designed as an open-loop timing system requiring accurate external
transmit and receive reference (chip) clocks.  In contrast, the synchronization DLL was a closed-loop sys-
tem used to obtain symbol (PN-sequence) lock.  Implementing a chip clock phase-locked loop would
have required a complex dual-loop system that was beyond the scope of this research.

2. The benefits of the 30dB processing gain for the tracking and acquisition correlations were not com-
pletely realized because the full correlation length was not used, i.e., the ideal autocorrelation characteris-
tic is only achieved when the correlation length is equal to the maximal PN-sequence length (2M-1).  The
autocorrelation of a PN subsequence will introduce side-spurs to the autocorrelation characteristic (much
like those shown in Fig. 3-17) reducing the acquisition margin.  In light of this fact, a PN-sequence length
of 32,768 chips was not necessary nor beneficial, but only implemented to comply with the definition of
the downlink system.
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sequence.1  As Fig. 5-12 illustrates, pilot-tone (Early and Late) correlations need no Walsh

codes in contrast to Data demodulation.

Acquisition is performed as a straightforward sequential search through all possible

chip phases.  Although there were six correlators (EarlyI, LateI, DataI, EarlyQ, LateQ and

DataQ), at most only three chip phases could be checked in one pass because vector rota-

tion of the I and Q signals is possible, requiring complex correlation.  However using all

three (Early, Late and Data) correlator complex-pairs would have required changing their

timing separation from half a chip-time (Tc/2) to one chip-time (Tc) and disabling the

Walsh demodulation for the Data correlators.  Therefore, only the Early and Late correla-

tor complex-pairs were used in the acquisition search.  By checking 2 chip-phases per

pass, the maximum acquisition time to check all 32,768 chip-phases was 262ms with an

average of 131ms.  The two correlation results were compared to a programmable acquisi-

Figure 5-12 By using a pilot-tone, only Data correlation has to be Walsh-code 
demodulated.

1. Modulation by all ones is equivalent to no modulation, hence the pilot-tone had no Walsh-function mod-
ulation yet was still orthogonal to all other Walsh-modulated signals.  See Fig. 3-12.
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tion threshold in the FPGA which fed back a signal (delay2Tc signal) to the COR block in

response to the comparison result.  When a correlation peak from either of the two correla-

tor pairs was detected the clock phase was locked (delay2Tc set "low") and the tracking

process was started.  The circuit in the COR block that "slipped" 2 chip-times when the

delay2Tc input signal was sampled "high" by uclk (update clock) is shown in Fig. 5-13.

The uclk signal was generated by the main state machine to signal an internal chip-phase

adjustment every 1024 Tc (16µs).

Figure 5-13 Simplified schematic of "slip"-2⋅Tc logic (acquisition mode).
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5.4-3 Tracking

In the tracking DLL architecture, the Early correlator sampled the input one half Tc

ahead of the Data correlator and the Late correlator sampled one half Tc behind it yielding

an aggregate 128MS/s sampling rate.  The feedback of the DLL maintained alignment by

keeping the magnitudes of the Early and Late correlations equal thus ensuring that the

Data correlation was being sampled at the correlation peak for the highest SNR (see

Fig. 3-20).  The outputs of the Early and Late correlators were compared against each

other by the FPGA which fed back an up signal value based on the comparison outcome.

The COR block advanced or retarded the chip phase in response to the up signal value that

was sampled by uclk.  

A 256MHz external clock was required to offset the sampling of the Iin and Qin sig-

nals by  to accommodate the sub-sampling RF demodulator of the InfoPad system that

was to precede the prototype chip.  This complemented the need to adjust tracking by 

which was at the processing-speed limit for a 1.2µm CMOS process.  The circuit for the

digital phase shifter (DPS) logic had to be custom designed to "evaluate" in the

less-than-4ns clocking period.  Critical timing also made it necessary to merge the advance

 and retard  logic with the divide-by-4 needed to generate the 64MHz clock.

The restrictive timing window precluded the use of a 2-stage ripple counter for the

divide-by-4 function, requiring instead, a synchronous counter design.  Rather than use a

standard synchronous counter configuration, a SR architecture (see Fig. 5-14) was devel-

oped to allow more time for removing or adding a  edge.  The key feature of the
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SR-type counter is the fewer (half as many) transitions of the Q1 output providing a more

stable signal with which to generate a glitch-free Q2 output.  A simplified schematic of

the DPS logic and its timing diagram is shown in Fig. 5-15.  The DPS shifted the phase of

the 64MHz clock (c2), by either advancing or retarding it, dependent upon the value of the

up input signal, as long as the shift input remained high.

5.4-4 Demodulation

The 64-chip Data correlation involved a dual demodulation with both the PN

Figure 5-14 Divide-by-4 synchronous counter implementations.
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sequence and a Walsh code.  Any one of the sixty-four Walsh codes could be loaded exter-

nally into the onboard 64-chip Walsh-code registers (one per bank) that would determine

which user signal to extract from the CDMA input signal.  The PN and Walsh codes are

pre-mixed (Exclusive-NOR) and applied to each sampling cell as a single PN-Walsh code.

Figure 5-15 Simplified schematic of Digital Phase Shifter (DPS) logic.
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5.4-5 Back-end interface circuits

A 10-bit pipelined ADC [2] was used to digitize the six correlator outputs allowing

digital implementations of the acquisition and tracking algorithms as well as providing a

digitally demodulated data output.  Since each correlator1 provided an output at a 1MHz

rate, the ADC has to sample at 6 MS/s or higher in order to multiplex between the outputs.

To simplify multiplexing and clock generation, 8 MS/s was chosen for the sampling rate of

the ADC with the two extra conversions reserved for calibration.  The ADC was fed by a

6-to-1-multiplexer / variable-gain-amplifier block.  Since each correlator was configured

as two interleaved (sample/integrate) banks the overall MUX was 12-to-1 and was split

into two stages, 12-to-3 (IMUX) and 3-to-1 (OMUX), preceding and following three

VGAs (see Fig. 5-2).  The OMUX stage was actually a 4-to-1 multiplexer with an extra

differential zero-volt input added to digitize any ADC input offset for calibration pur-

poses.  Three VGAs are used rather than one VGA running three times faster to lower the

power dissipation since power is a square function of frequency.  Due to the need for rela-

tive gain accuracy in the Early/Late correlation, no more than three VGAs could be used.

Thus I-channel Early/Late correlators shared one VGA (VGAI) as did the Q-channel

Early/Late (VGAQ) and the I/Q Data correlators (VGAD).  

Though the passive correlator outputs could have been fed directly to the ADC, a

VGA was inserted for flexibility in testing inputs with different signal strengths.  The

1. In this context, one correlator, e.g., EarlyI correlator, is made up of two passive correlators (one per bank)
that require 1µs for sampling and 1µs for integrating thus each providing an interleaved output at .5MHz
for an aggregate output of 1MHz.
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VGA (Fig. 5-16) was implemented with a fully-differential telescopic operational

transconductance amplifier (OTA), a source-follower buffer (BUFF) and common-mode

feedback (CMFB) circuit.  Since the correlator output signal was in the form of charge on

a capacitor, a typical SC-type charge integrator configuration was used.  Thus the gain was

adjusted and determined by the size of the feedback capacitor.  The feedback capacitors

were binary-weighted to adjust the gain from 4 to 32 (4pF to .5pF in increments of .5pF).1

A simplified schematic of the OTA, BUFF and CMFB circuits are shown in Fig. 5-17 and

Fig. 5-18.  The buffer was needed to drive the output multiplexer (OMUX) and the ADC

input, so the feedback capacitors were connected to the outputs of the OTA to avoid the

instability of a dual-dominant-pole situation.

Since each VGA amplified two correlator outputs during the integration phase (64⋅Tc

= 1µs) of a given bank, the OTA should have had 500ns in which to settle.  However, due

to scheduling for the ADC, only 250ns (worst case) was available for the settling time of

Figure 5-16 Variable gain amplifier.

1. The actual capacitor values were slightly higher (+3.6%) but the numbers used here were rounded down
for notational convenience.
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the OTA.  For 10-bit linear (single-pole exponential) settling1, 7.6 time-constants (τ) are

needed which translates to a desired τ of less than 33ns.  Since the telescopic amplifier

results in a single-pole response, τ is given by:

Figure 5-17 Schematic of OTA used in the VGA blocks.

1. The VGAI is connected to the first correlator (EarlyI) while it is still taking samples so the OTA has
closer to 500ns to settle.  In addition, the integration process itself has an exponential settling nature as
the integration capacitance increase with each successive sample, preventing any slew-rate limiting by
the OTA.
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(5 - 2)

where CS is the total sampling-array capacitance (= 16pF), CI is the input capacitance of

the OTA (= 300fF), gm is the transconductance of the OTA, f is the feedback factor and CL

is the load capacitance (= 400fF) at the output of the OTA (at out±).  The feedback factor

has the following relationship to the closed-loop gain (Acl):

Figure 5-18 Schematic of BUFF and CMFB circuits used in the VGA blocks.
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(5 - 3)

where CF is the feedback capacitance (CI is negligible).  Thus (5 - 2) can be rewritten as:

(5 - 4)

The worst case τ occurs for the largest value of Acl (= 32), requiring a minimum transcon-

ductance of:

(5 - 5)

The OTA used a continuous-time CMFB employing a pair of 50fF capacitors to

extract the output common-mode voltage.  Between the end-of-integration and

start-of-sampling times, the feedback and the 50fF capacitors were reset to zero volts.  An

external 1.5V reference (vcmo) set the output common-mode voltage.

1
f
---

CS CI CF+ +

CF
--------------------------------

CS CF+

CF
-------------------- Acl 1+=≅=

τ 1
gm
------ CS Acl 1+( ) CL⋅+( )⋅≅

gm
16pF 33 400fF⋅+( )

33ns
--------------------------------------------------≥ 885uA V⁄=
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Chapter 6

Experimental Results

The power performance of the prototype IC in comparison to a digital implementa-

tion is the main focus of this chapter.  To make this comparison, it is necessary to establish

a comparable performance level for the two implementations.  The metric that will be used

is the output signal-to-noise ratio (SNRo) since it encompasses the dynamic range and

noise performance of both architectures.  Before presenting the SNR and power measure-

ments, a brief description of the test setup will be given followed by some functional mea-

surements of the prototype.

6.1 Test Setup

Fig. 6-1 is a diagram of the setup used to measure performance and power dissipa-

tion of the prototype IC.  The key block in the setup was the arbitrary waveform generator

(AWG) which created the baseband DS-CDMA signal.  The AWG was a Tektronics model

AWG2020 arbitrary waveform generator capable of producing two outputs at a 250MHz1

1. The particular AWG2020 used for the measurements was able to operate successfully up to 256MHz.
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output rate.  One output was designed to supply the I-channel data stream and the other to

supply the Q-channel data stream to the IC inputs.  Since the IC had differential inputs,

there were high-frequency transformers on the printed circuit board (PCB) placed between

each AWG output and the corresponding IC input to do the single-ended-to-differential

conversion1.  A lab computer was used to:

1. generate the DS-CDMA data file,

2. download the data file to the AWG via an RS232 serial link,

3. download the configuration file to the FPGA (Xilinx XC4008) on the PCB via a

24-bit wide control (24WC) bus,

4. download the three 3-bit VGA gain settings, 16-chip PN seed value and 64-chip

Walsh code value to the PIC’s onboard registers via the 24WC bus,

5. run the control program that interfaced to the FPGA to set acquisition thresholds

and execute a master reset via the 24WC bus, and

6. retrieve and process data from the logic analyzer via an IEEE 488 (HPIB) bus.  

Figure 6-1 Prototype test configuration.

1. This had to be altered as explained in Section 6.3 (See “Measurement notes” on page 179).
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Depending upon the configuration file, the FPGA could be programmed to output

any of its internal registers; the demodulated I and Q Data correlator outputs or the Early

and Late correlator outputs.  These outputs were captured by the logic analyzer

(HP16500B with a 1-Megaword memory module) for subsequent data reduction by the lab

computer.  The FPGA also provided the three DLL feedback signals (shift, up and

delay2Tc) to the IC.  A common frequency source was used to feed both the AWG (input

data timing) and the prototype which constrained testing to a synchronous recovery mode.

Separate frequency sources could have been used to measure the capture range of the DLL

but this was outside the scope of this research and had no bearing on the results.

Dedicated voltage regulators (LM 317) were used on the PCB to isolate the digital,

analog and buffer1 power sources for both the 5V (COR) and 3.3V (ADC) supplies.  In

addition to these six supplies, there were separate regulated supplies for the com-

mon-mode voltage (Vcm = 1.5V), the ADC full-scale reference (1V) and xclk (256MHz)

squaring-buffers.  Besides isolations, multiple supplies permitted separate power measure-

ments of the various circuits.  A lab regulated 5V supply was used to power the FPGA.

Two adjustable current source regulators (LM 334) were used to set the bias currents for

the amplifiers in the ADC and the VGAs.  

6.2 Basic Functionality of the Prototype  

To check the basic functionality and operation of the prototype, three measurements

1. The 5V and 3.3V buffer supplies powered the digital buffers that were used to drive signals off-chip.
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were made:

1. Acquisition search.

2. Frequency response.

3. Input to output transfer function.  

Fig. 6-2 illustrates the acquisition search measurement which is a plot of the Early and

Late correlators as a function of the offset time, tPNoff, (in Tc), between the on-chip PN

Figure 6-2 Correlator output from a serial search during the PN sequence acquisition 
phase (acquisition inhibited).

-200 -100 0 100 200

0.0

0.2

0.4

0.6

0.8

1.0

tPNoff (Tc)

N
or

m
al

iz
e 

C
or

re
la

to
r 

O
ut

pu
t



6.2 Basic Functionality of the Prototype 173

sequence and the pilot-tone PN sequence.  This plot was obtained by setting the acquisi-

tion threshold to the maximum value so that peak detection was never achieved thus inhib-

iting the transition from the acquisition to the tracking phase.  The noise

(peak-to-sideband) margin was less than the processing gain (30dB) because neither the

correlation length (896 chips) nor the PN sequence (32,768) was maximal (2M-1) as

explained in Section 3.2.

The frequency response of the Data correlator’s (demodulation) gain is shown in

Fig. 6-3.  This plot was obtained by varying the external frequency source (xclk) to change

Figure 6-3 Frequency response of the Data demodulator gain.
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the chip-rate of the input signal and correlator sampling operation.  The gain response was

flat out to the maximum sampling frequency of 128MHz (fxclk = 256MHz).  From (4 - 25),

the voltage gain, Av, of the passive correlator is given by:

(6 - 1)

From process data and layout dimensions, the following calculated values for the above

capacitors are:

CS = 250 fF1 Cp1 = 7 fF Cp3 = 66 fF2

Cpo = 10 fF3 Cox2 = 7 fF

Using these values, the correlator gain is:

Av = 0.73

The measured gain (at fxclk = 256MHz) was:

Av = 0.72  (-2.85 dB)

which agrees well with the calculated value.

The linearity of the Data correlator is illustrated in Fig. 6-4, which is the transfer

function characteristic of the Q-channel input for fxclk = 2MHz and 256MHz.  

1. With fringe capacitance, the value is closer to 259fF but for convenience a rounded value of 250fF is
used.

2. Includes bottom-plate parasitic of CS (44fF) and Cdb of M2, M3 and M4 (see Fig. 4-12).

3. Per cell metal capacitance of the output bus.

Av

CS

CS Cp1+
----------------------

 
 
  CS

CS Cp3 Cpo Cox2+ + +
---------------------------------------------------------
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6.3 System Signal-to-Noise (SNR) Measurements

Ultimately the goal of this prototype is to be able to make a comparison in the power

dissipation of the two architectures of Fig. 6-5.  Since the sampling rate requirement is

given, only the resolution requirement of the ADC in the digital correlator implementation

is needed to estimate its power.  To indirectly arrive at the equivalent resolution required

by a front-end ADC, a system comparison of the signal-to-noise performances of the two

architectures was made.

Figure 6-4 Input / output transfer function of Q-channel Data Correlator (for xclk = 2MHz 
and 256MHz).
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6.3-1 SNR of an ideal digital correlator

In this ideal case, the only noise contribution is assumed to be that of the quantiza-

tion noise due to granularity of the A/D conversion process.  If it is also assumed that the

noise amplitude has a uniform distribution, then the quantization noise power, , is

(from [1]):

(6 - 2)

where ∆ is the step (granularity) size of the quantization.  So for a full-scale range of F and

a resolution of B bits:

(6 - 3)

The signal power of the demodulated data will depend on the number of users and how the

power is partitioned among those users and the pilot tone.  For simplicity, the test case for

the comparison will consist of one user plus the pilot tone where each is allotted half the

Figure 6-5 Digital and analog correlator architectures.
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transmit power (see Fig. 6-6).  For NRZ1 data with a signal swing of ±Ao, the

mean-squared signal power for the user, , is:

(6 - 4)

Thus the quantization-noise-limited2 input-referred SNR for an ideal digital correlator,

SNRid, is:

(6 - 5)

or in dB:

(6 - 6)

Figure 6-6 A sample DS-CDMA baseband test signal.

1. Non-return to zero.

2. This is the maximum input SNR assuming that the SNR of the input signal is not the limiting quantity.
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After correlation, the user’s signal power remains unchanged, but the quantization noise is

reduced by the processing gain (GP) increasing the SNR, as described in Section 3.5, so

the output SNR is:1

(6 - 7)

The first term represents the input signal magnitude in dB with respect to F.  The 0dB

input value is when the input peak-to-peak value is equal to the ADC’s full-scale, i.e.,

when:

(6 - 8)

6.3-2 SNR of prototype analog correlator

The output SNR of the prototype analog correlator, SNRoa, was calculated by taking

measurements of the demodulated output (from the FPGA).  With the user data bits set to

one value (one or zero), computing the signal power was equivalent to calculating the

mean value of the demodulated Data output and squaring it.  Similarly, squaring the stan-

dard deviation of the output, i.e., calculating its sample variance, yielded the noise power

from which the SNRoa could then be determined.  For these calculations, an all ones data

pattern and a sample size greater than 8000 data bits (512,000 chips) per data point was

used.  Table 6-1 lists the SNRoa measurements and calculations.

1. For a correlation length of 64 (10⋅log(64)).
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Using the equations from the preceding section and the results in the table, the

SNRod curves are plotted along with the SNRoa data in Fig. 6-7.  This plot shows that the

analog correlator has performance comparable to a digital correlator with a front-end

ADC having quantization noise at the 7 to 8 bit level.  Unlike the SNRoa data, the SNRod

curves do not include the spectrum folding noise due to aliasing of the wideband CDMA

input signal.  If this noise was factored into the SNRod curves, the analog correlator perfor-

mance would be closer to the 8 to 9 bit quantization level.

6.3-3 Measurement notes

To get good SNRoa measurement results, it was necessary to create as accurate an

input DS-CDMA signal as possible so that the signal’s own SNR did not limit the SNRoa.

Reflections and band-limiting affects by the input transformers and PCB layout made it

necessary to use both AWG outputs to create a single differential signal source.  A prob-

TABLE 6-1 SNRoa Measurements(1)

Ao
(user)(2)

Ao 
(referenced 

to 1.5V)

Sample 
size  

(bits)

(3) SNRoa

12.5 mV -41.6 dB 8192 18.6 2.4 1.5 21.6 dB

25.0 mV -35.6 dB 8192 37.0 2.6 1.6 27.2 dB

50.0 mV -29.5 dB 8192 72.7 1.4 1.2 35.8 dB

125.0 mV -21.6 dB 8185 180.6 2.8 1.7 40.6 dB

250.0 mV -15.6 dB 8185 361.7 4.5 2.1 44.6 dB

350.0 mV -12.6 dB 8186 504.6 5.6 2.4 46.6 dB

(1).Conditions: VGA gain = 4; fxclk = 256MHz; applied offset = -85mV

(2).Total input (user + pilot) amplitude was twice as large.

(3).Digital output value (unitless).  The conversion factor was 2.0V/1024 = 1.95mV/unit.

su t( ) σqn
2 σqn
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lem with the package used to house the prototype IC compromised the I-channel input so

all measurements were made on the Q-channel.  Even though Iin was not used (inputs

shorted), the I-channel correlators still dissipated the same amount of power as the

Q-channel correlators so power measurements reflect dissipation from all six correlators.

There was also approximately 80mV of offset detected in all correlators.  Though not

confirmed as the cause, there was a mismatch in the layout of the differential sampling cell

where, unlike the positive summing node, the negative summing node was not isolated

from a switching signal.  Though this input offset was constant, mixing by the PN-Walsh

Figure 6-7 Ideal SNRod curves (for 7, 8 and 9 bits) versus measured SNRoa data.
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modulation converted it to noise, increasing the output noise power.  An offset was applied

to the input to minimize this noise component when making the SNRoa measurements.

Another variation in the measurements was caused by the dithering action of the

tracking (DLL) loop and the finite sampling bandwidth of the correlator inputs.  This dith-

ering error is a result of the discrete-time nature of the tracking system so it affects both

the analog correlator and the ADC front-end of the digital correlator equally.  As was

shown in Fig. 3-21, in the tracking state, the Early and Late correlations cannot be equal

so the loop alternates tracking adjustments between advancing and retarding 0.25⋅Tc.
1

This causes an uncertainty in the sampling point of the Data correlator dependent on the

adjustment amount.  Fig. 6-8 shows the Data correlator sampling window for different

adjustment values assuming that the adjustment amount is greater than the correction

needed due to timing drift and update frequency.  The problem occurs when the sampling

Figure 6-8 Data correlator sampling-uncertainty window due to dithering error for three 
different phase correction amounts.

1. This correction amount  is specific to the prototype system.
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bandwidth is not large enough for sampling points near the front edge of the uncertainty

window, i.e., error is introduced due to lack of settling time.  There was a 1dB to 2dB dif-

ference in the SNRoa values due to this error.  The results shown above used the higher

SNR value.

6.4 Power Measurements

A breakdown of the power consumption for the prototype IC is shown in Table 6-2.

From this table, the dynamic power makes up 81% of the total power.1  The correlators

consumed an average of 4mW each2 (this included the clock power to sequence the

switches).  The overhead control logic (PN Gen, DPS and MUX), which consumed 33mW,

was digital logic so its power scaled as CV2f.  If the overhead logic is included, the corre-

TABLE 6-2 Power Consumption(1)

(1). fxclk = 256MHz

Blocks Dynamic Static Vdd

6 Correlators(2) 24 mW --- 5.0V

PN Gen, DPS & MUX (2)

(2).How the power is partitioned between these 2 groups is estimated from computer simula-
tions.

33 mW --- 5.0V

VGAI, VGAQ and VGAD --- 6 mW 5.0V

ADC (10-bit 8MS/s) 4 mW 8 mW 3.3V

Total 61 mW 14 mW

1. Thus the overall power can benefit from supply voltage scaling.

2. Per correlator power was 6.4mW but with the bank select duty cycle of 62.5% (see Section 5.3-3), the
average was 4mW.
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lators required 9.5mW each to operate at 256MHz.  This compares to 5.3mW per correla-

tor1 for a similar digital correlator [2] which represents a 25mW power difference in a

six-correlator implementation.  The 10-bit ADC required 12mW when sampling at 8MS/s.

To implement an equivalent DS-CDMA demodulator in the digital domain would

require two (I and Q) ADCs operating at 128MS/s each.  To match the performance of the

analog correlator, these ADCs would need 7 to 8 bits of resolution.  Table 6-3 is a list of

high-speed ADCs that are suitable for this comparison.  Using the fact that a

six-correlator analog block is 25mW more than an equivalent digital one,  a power

comparison can be made based solely on the ADC(s) required by each approach.  From

Table 6-3 the 12mW post-correlation ADC is about two orders of magnitude lower power

than the pre-correlation ADCs required by the digital approach.  Thus, based on this

comparison, the analog pre-processing approach applied to the baseband demodulation of

a DS-CDMA signal could be a lower-power alternative to a comparable digital approach.

1. Extrapolated to 128MS/s.

TABLE 6-3 High Speed ADCs

Resolution 
(bits)

Sampling 
Rate

Power
for

2 ADCs
Technology Reference

10 bits 100 MS/s 2.2 W 1.0µ CMOS 3

10 bits 100 MS/s 1.9 W 0.8µ BiCMOS 4

8 bits 650 MS/s 1.7 W 1.0µ Bipolar 5

8 bits 300 MS/s 6.6 W 2.5µ Bipolar 6

8 bits 200 MS/s 1.0 W 0.8µ BiCMOS 7

8 bits 150 MS/s 0.7 W 1.0µ BiCMOS 8

8 bits 100 MS/s 1.6 W 2.0µ Bipolar 9
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Chapter 7

Conclusions

Progress in the electronics field continues to be towards higher performance and

functionality.  This has been accomplished through integrated circuits with higher process-

ing speeds and transistor count.  A necessary by-product of both these progressions is the

increase in power dissipation (raising reliability and lifetime issues with the escalating

internal die temperatures) and consumption (taxing the battery life of portable electronics

products).  These power concerns threaten continued progress in electronic development

but have, thus far, been kept at bay by advances in process technology.  However, demands

by today’s personal communication market motivate other non-technology solutions to

further address the power situation.

This research presents a non-process advancement approach to lowering power.  In

particular, this research demonstrates how lowering the signal bandwidth and dynamic

range through analog signal processing, prior to the A/D conversion, can lower the con-

verter power, and thus, the overall system power.  In the course of this research, the fol-

lowing contributions have resulted: (1) A first-order analysis of the power dependence on
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resolution and sampling rate for high-speed A/D converter architectures was derived.  It

was found that power was proportional to sampling rate for most architectures until the

sampling rate approached the device fT, at which point power had to increase asymptoti-

cally toward infinity.  The power increase as a function of converter resolution was highly

dependent upon architecture.  Its dependence varied from an exponential function of reso-

lution in the Flash converter case to slightly more than linear in a 1bit-per-stage Pipelined

structure.  (2) Developed a passive charge-error cancellation technique for

switched-capacitor integrators that enabled implementation of a high-speed low-power

passive (amplifier-free) PN correlator.  (3) Low-power digital design techniques were

developed to further optimize the power without degrading the operating speed.  The pre-

dominant theme was load-shifting which minimized the circuits that operated at the high-

est frequencies.  Load-shifting realizations included multi-tapped single timing-SR-chain,

local control-signal generation with automatic-state decoding, and double-latched PN

generator.  Clock duty-cycle reduction was also used to lower the effective operating fre-

quency.  (4) Demonstrated that a DS-CDMA baseband recovery integrated circuit, fabri-

cated in a 1.2µm double-metal double-poly CMOS process, which used analog processing

prior to the A/D conversion is capable of operating at 128MS/s (I and Q channels at

64Mchips/s) with an output SNR of 46.6dB while dissipating 75mW. This compares favor-

ably to the power of two ADC’s (I and Q channel) required for a digital implementation.

The results of this research assume that the power of performing a task using analog

signal processing is approximately equal to that of using digital signal processing,1 i.e, an
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ADC power comparison reflects a system power comparison.  This is somewhat true today

but as process technology improves allowing supply voltages to drop, the power of per-

forming a given task in the analog domain increases [2] while that of equivalent digital

function decreases or remains the same.  This affect diminishes the applicability of these

results to future technology suites and should be considered in any extension of this work.

Nonetheless, the results appear significant enough to predict a continued power benefit of

using analog circuit techniques in the region closest to the converter boundary of Fig. 1-1.
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Appendix A

Addendum to Chapter 2

A.1 Velocity Saturation Equations for CMOS Transistors

CMOS transistors experience velocity saturation for short channel lengths and high

electric fields along the channel.  This modifies the normal forward-active square-law

drain current formula as follows [1]:

(A - 1)

where Esat is the critical electric field1 when the transistor enters the velocity saturation

regime.  In all analyses in this dissertation, two limiting cases shall be considered;

long-channel case:

(A - 2)

and short-channel case:

1. [1] uses Ec for this field.
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(A - 3)

The second form of the short-channel drain current equation (A - 3) suggests that Id is

independent of channel length.  This is only true as long as the channel length stays small

enough to satisfy the short-channel criterion that (Vgs-Vt) >> (Esat⋅L).  The respective for-

mulas for transconductance (gm) are:

(A - 4)

Note that the short-channel gm is dependent only upon W (again with the restriction on L

satisfying the short-channel criterion).  The device cutoff frequencies (fT) are, respec-

tively:

(A - 5)

Unlike the long-channel case, the short-channel fT is not dependent upon the bias condi-

tion, (Vgs-Vt).  And the formulas for the transistor drive voltages, (Vgs-Vt), are, respec-

tively:
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(A - 6)

In both cases, (Vgs-Vt) is a function of the drain current density .

Derivations using short-channel equations will note any significant long-channel dif-

ferences and vice versa.

A.2 Peak SNDR

One performance specification of an ADC is the signal-to-noise-plus-distortion ratio

(SNDR) [2] as measured at the output of the converter.  For an ideal converter, there would

be no distortion and the only noise contribution would come from quantization errors due

to the finite step sizes of the digital codes, i.e., the difference between the actual input

voltage value and the discrete voltage step represented by the digital code value.  Thus this

quantization noise, Nq, decreases with the increasing resolution of the converter.  For uni-

formly spaced step sizes and assuming that the probability density function of the quanti-

zation error is uniformly distributed over a step size, the quantization noise power is [3]:

(A - 7)

where ∆ is the step size given by:
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(A - 8)

B is the number of bits of resolution and F is the full-scale input range for the ADC.  For a

given resolution, the step sizes are fixed so the quantization error power is bounded and

independent of the input signal amplitude.  This implies that as the input signal increases,

the SNDR will increase.  For a pure sinewave input, vin, i.e.:

(A - 9)

the input signal power, Si, would be:

(A - 10)

so the SNDR1 for this quantization-noise-only case would be:

(A - 11)

or in decibels: 

(A - 12)

1. In this case, it would actually be SNR since we are assuming no distortion but the SNDR notation is
retained for generality.
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The last three terms of (A - 12) are constant for a given full-scale range (F) and resolution

(B), so the SNDR for this ideal case is proportional to the input amplitude, offset by the

value of the last three terms, and thus increases as the input signal level increases.  This is

shown in Fig. A-1 for a 6-bit ideal ADC example, where the SNDR is plotted against the

input amplitude (Ao).1  When the input amplitude peak-peak signal exceeds the full-scale

range, the digital output representation of the sinusoidal input experiences clipping2

resulting in harmonic distortion and a decrease in SNDR.  Thus conservatively, the peak

SNDR (SNDRpk) occurs when the input sinusoidal peak-to-peak amplitude (2Ao) equals

the full-scale value (F) and is given by (from (A - 12)):

Figure A-1 Signal-to-quantization-noise curve for ideal 6-bit ADC with 
sinusoidal input.

1. The 0dB value for Ao is taken as the point when the peak-to-peak value of the sinewave is equal to the
ADC’s fullscale value, i.e., when Ao = F/2.

2. This can equivalently be viewed as increasing the quantization error, as the error at the extremes exceeds
the step size, ∆, when the signal swings beyond the full-scale range.  In this case the quantization noise
power exceeds the value given by (A - 7).
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(A - 13)

This equation is often rearranged to determine an effective number of bits, Beff, for an

actual converters based on measured values of their SNDRpk.  

The fact that the input is a sinusoidal waveform means that a number of different

SNDRpk values can be obtained corresponding to different input test frequencies, fin.

Since timing errors (predominantly jitter and skew) translate to larger voltage sampling

errors for higher values of fin, the frequency responses of SNDRpk and Beff tend to fall-off

at higher frequencies.  Thus a converter designed for, say, 6 bits may have a Beff of 5 or

less at the Nyquist frequency (fin = fS/2).  Jitter in the sampling clock can be caused by dig-

ital switching noise in the substrate or power supply.  Sampling clock skew originates

from clock buffering and metal routing differences.  Both of these timing errors are aggra-

vated exponentially by increasing the resolution of the converter.  A front-end sam-

ple-and-hold (S/H) amplifier can eliminate or reduce both these errors but at the cost of

additional power and area.

A.3 Power-Speed Relationship of CMOS Auto-zero Inverter 
Comparators

The speed of the Flash converter is dependent upon the inverter chain’s evaluation

time of the difference between Vin and Vref.  Since the inverters are configured as linear

gain stages during this evaluation, small-signal analysis (for all but possibly the last stage)

will predict their performance.  For the last stage with an output swing of several hundred

SNDRpk
dB

B 6.02⋅ dB 1.76dB+=
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millivolts (in order for correct binary interpretation by the latch), it is best described by

large signal equations.  A CMOS inverter gain stage is capable of at least a gain of 20

which suggests that the next-to-last stage is still within the domain of small-signal analy-

sis.

The inverter stages are commonly scaled up (α factor in Fig. A-2) to optimize their

driving capacity and propagation delay.  The value for α is driven by the number of

inverter stages needed, the capacitive load of the latch and the input load capacitance as

seen by Vin.  The speed and power of an inverter is determined by the sizes of its transis-

tors and the capacitive load that it must drive (see Fig. A-3).  Assuming the inter-stage

coupling capacitor is large enough to be a short circuit, Fig. A-3 can be used to calculate

the speed of one inverter stage.  The following assumptions will be made for this analysis;

(1) all transistors of an inverter stage including the auto-zero switch (M3 and M4) scale

together, (2) the next stage transistors are α times larger than the current stage, and (3) the

Vgs and Vt of M1 equals those of M2.  As with most CMOS digital circuits, the short-chan-

nel criterion is met, so the following analysis is carried out using the short-channel equa-

tions.

Figure A-2 Auto-zero chopper inverter CMOS comparator (three inverter 
example).
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The linear (inverter) amplifier can be modeled as a single-pole operational transcon-

ductance amplifier (OTA) that has the small-signal schematic1 of Fig. A-4, where the val-

ues of the circuit parameters are given by: 

 (A - 14)

Figure A-3 Two Inverter gain-stages: circuit schematic.

1. The feed-forward zero, created by Cgd, is assumed to occur much higher than the unity-gain frequency.

Figure A-4 Inverter gain-stage: small-signal schematic - single-pole OTA.
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(A - 15)

where VA is the early voltage and:

(A - 16)

The load capacitance1, CL, is the sum of the inter-stage metal-line capacitance, Cm, the

output capacitance of the current (n) stage and the input capacitance of the following

(n+1) scaled-up stage (including its Miller capacitance):

(A - 17)

(A - 18)

(A - 19)

The low-frequency gain, ao, is:

1. For simplicity, the overlap capacitances of the "off" switches are ignored.
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(A - 20)

which is independent of bias current and scaling factor, i.e., all stages have the same gain.

For this single-pole amplifier, its speed is related to its unity-gain frequency [1]

which is given by:

(A - 21)

or alternatively by its time-constant, τu:

(A - 22)

The transconductance, gm, is proportional to the width, W, of the transistors (which also

true for long-channel assuming the length, L, is constant (Lmin) since (Vgs-Vt) is constant

for small-signal analysis) and all the capacitors except the metal capacitance, Cm, also
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scale with W, so the last two terms are independent of the bias current and power.  The last

term can be identified as the cutoff frequency of the NMOS and PMOS capacitors scaled

by half α.  The middle term can be associated with the intrinsic delay, τI, of the inverter for

a given scaling factor, α.  Using these quantities, (A - 22) can be rewritten as:

(A - 23)

Assuming that the auto-zero cycle is half the sampling period, the average power dissi-

pated by the comparator, PC is half the power dissipated during the auto-zero cycle, so:

(A - 24)

and:

(A - 25)

From (A - 25), it is clear that increasing the power can only reduce the first term of the

inverter’s unity-gain time-constant and will reach a limit of τmin as power approaches

infinity.  Since τu will be proportional to the sampling period, the sampling rate is found to

be:
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(A - 26)

(A - 27)

for constants KC1 and KC2.  Thus the power is not directly proportional to speed but goes

to infinity when the sampling rate reaches its maximum value, fS(max), or alternatively,

when the sampling period is at a minimum, i.e.:

(A - 28)

(A - 29)

A useful and more intuitive way of viewing the above result is obtained by compar-

ing equations (A - 22) and (A - 25).  The first term of both equations describe the time

component associated with the extrinsic capacitance (Cm) which is the only time term that

can be reduced by increasing the power (PC), i.e., the gm.  The other terms of (A - 22) are

intrinsic capacitance terms that are independent of power variations because a larger tran-

sistor width (W) is needed to increase the power, which also increases the intrinsic capaci-

tance proportionately.  A 3dB breakpoint can be identified where below this point the

sampling rate is proportional to power (first term of (A - 22) dominates), and where above

this point, the sampling rate is relatively constant (last two terms dominate).  This point

occurs when the first term equals τmin, or equivalently, when the intrinsic and extrinsic
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capacitance are equal.  

In other words, the comparator’s speed will benefit from a power increase (via

increasing W) while the intrinsic capacitances are smaller than the external parasitic

capacitances, but beyond that break-even point speed improvements reach a diminishing

return.  Thus the power at this point is optimum, Popt, from a speed-power point of view.

A.4 CMOS Preamp/Master Latch Power for Constant Current 
Density

From (2 - 16) in Chapter 2, the power for the first stage of the CMOS comparator of

Fig. 2-6, is:

(A - 30)

But part of Cp1 scales with transistor width, W, so let:

(A - 31)

where Cp1f is the fixed portion and:

(A - 32)

where KD2 is the constant of proportionality (capacitance density) for Cp1s.  Cp1s is com-

posed of Cgd and Cdb of transistors M1 - M4 (assumed to be the same size) so:

(A - 33)

PD KD1 Cp1 Vgs Vt–( ) Vdd fS⋅ ⋅ ⋅⋅=

Cp1 Cp1f Cp1s+=

Cp1s W KD2⋅=

KD2

4 Cgd Cdb+( )
W

---------------------------------=



A.4 CMOS Preamp/Master Latch Power for Constant Current Density 201

For a constant current density value of KD3, the width can be written as a function of

power:

(A - 34)

Combining (A - 32) and (A - 34) gives:

(A - 35)

Then combining this with (A - 30) and (A - 31) yields:

(A - 36)

(A - 37)

The parenthetical portion of the denominator can be evaluated by expanding the constants

KD2 and KD4:
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(A - 38)

where fS(max) is:

(A - 39)

Then (A - 37) can be written as:

(A - 40)

Short-channel analysis would yield the same result except for a factor of 2 in the value of

KD1.

A.5 Power-speed derivation for Digital CMOS Circuits

The well-known dynamic power equation for digital CMOS circuits is:

(A - 41)

where Ceff is the total effective capacitance that is being switched at fS.  As before, Ceff can
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be partitioned into a part that scales with transistor W and a part that is fixed so:

(A - 42)

where it is assumed that W is a generic scaling factor for all the digital logic.  Since

(Vgs-Vt) is fixed to (Vdd−Vt), the current density is fixed1 so for some constant, KH2:

(A - 43)

thus the current is proportional to the size of the transistors.  From these two facts, the

effective capacitance is a function of the charging and discharging current so what remains

is to relate the current to the switching speed of the digital gates.  For CMOS digital gates,

the propagation delay, tpd, is approximately:

(A - 44)

where Co is the capacitance load at the output of the gate.  The maximum switching fre-

quency, fsw(max), is the inverse of twice the propagation delay , so:

(A - 45)

Combining (A - 42), (A - 43), and (A - 45), and equating Co to Ceff and fsw(max) to fS via a

constant (KH3), Ceff as a function of fS can be found:

1. See section A.1 “Velocity Saturation Equations for CMOS Transistors” above.

Ceff Cfeff Cseff+=

Cfeff W KH1⋅+=

Id

W
----- KH2=

tpd

Co Vdd 2⁄( )⋅
Id

--------------------------------=

fsw max( )
Id

Co Vdd⋅
--------------------=
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(A - 46)

Solving for W:

(A - 47)

Using (A - 42):

(A - 48)

where:

(A - 49)

Combining (A - 41) with (A - 48) gives: 

fS
KH3Id

Cfeff W KH1⋅+( ) Vdd⋅
---------------------------------------------------------=

KH3 W KH2⋅ ⋅
Cfeff W KH1⋅+( ) Vdd⋅

---------------------------------------------------------=

W
Cfeff Vdd fS⋅ ⋅

KH3 KH2⋅ KH1 Vdd fS⋅ ⋅–
-----------------------------------------------------------------=

Ceff Cfeff

Cfeff Vdd fS⋅ ⋅
KH3 KH2⋅ KH1 Vdd fS⋅ ⋅–
-----------------------------------------------------------------

 
 
 

KH1⋅+=

Cfeff KH3 KH2⋅ ⋅
KH3 KH2⋅ KH1 Vdd fS⋅ ⋅–
-----------------------------------------------------------------=

Cfeff

1 fS fS max( )⁄–( )
----------------------------------------=

fS max( )
KH3 KH2⋅
KH1 Vdd⋅
--------------------------

KH3

Id

W
-----⋅

Cseff

W
------------ Vdd⋅
--------------------------= =

KH3 Id⋅
Cseff Vdd⋅
--------------------------=
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(A - 50)

A.6 Pipeline Stage Power Calculation  

To calculate the per-stage power of a Pipelined converter, the first assumption made

is to ignore the flash ADC power (negligible relative to the opamp power) so that the stage

power is that of the opamp.  The opamp is modeled as a common-source amplifier with a

current source load.  The DAC-subtraction-gain-S/H block diagram used for the settling

time derivation is shown in Fig. A-5 along with the small signal model of the opamp.  The

circuit of Fig. A-5(a) has a single-pole open-loop response, with a pole, p1, equal to:

Figure A-5 Settling-time calculation circuits; (a) simplified DAC sub-gain 
S/H diagram, (b) small-signal model of opamp.
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(A - 51)

where Co is the total capacitance at the output node, CL represents all extrinsic capacitance

at the output node (primarily the input capacitance of the next stage), τ1 is the time-con-

stant associated with p1 and Cop is the input capacitance of the opamp.  The low-frequency

open-loop gain, ao, is:

(A - 52)

For a single-pole response, the unity-gain bandwidth, f0, is equal to the gain-bandwidth

(GBW) product so:

(A - 53)

where f is the feedback factor [1] and is given by:

p1
1

ro Co⋅
----------------

1
τ1
-----= =

1

ro CL

Cf CS C+
op

( )

Cf C+
S

Cop+
----------------------------------

 
 
 

+
 
 
 

⋅

---------------------------------------------------------------------=

ao gm ro⋅=

2πf0 ao p1
1
τ0
-----=⋅=

gm

CL

Cf CS C+
op

( )

Cf C+
S

Cop+
----------------------------------

 
 
 

+

------------------------------------------------------=

gm

CL f CS C+
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(A - 54)

Assuming that ao is high enough for a given stage’s accuracy and the low-frequency

loop-gain,  is much larger than one, then the closed-loop gain, Acl,
1 is

approximately the inverse of the feedback factor, i.e., , and the closed-loop bandwidth,

fcl, is the GBW product divided by the closed-loop gain:

(A - 55)

Thus the closed-loop settling time-constant, τcl, is:

(A - 56)

where Cx can be written as:

1. Note that this closed-loop gain pertains to the non-inverting opamp configuration which is relevant
when considering stability and settling performance.  This should not be confused with the invert-
ing-opamp configuration’s closed-loop gain, AI , which is the quantity that determines the
"operational" gain of the SC circuit.

f
Cf

Cf C+
S

Cop+
----------------------------------=

To ao f⋅=( )

CS Cf⁄–=( )

1 f⁄

2πfcl
1

τcl
------

GBW
Acl

--------------
2πf0
1 f⁄
-----------= = =

gm

Co
------ f⋅

gm f⋅
CL f CS C+

op
( )+

-------------------------------------------==

τcl

Co

gm
------

1
f
---⋅

Cx

gm
------= =
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(A - 57)

AI is the closed-loop (inverting) gain of the SC integrator and given by:

(A - 58)

The worst-case settling time of a closed-loop SC integrator occurs when the output

experiences its largest voltage excursion.  Assuming a Class-A type opamp in this case,

the settling event will be divided into a slew-rate limited (large signal) period followed by

a exponential settling (small-signal) period [1] (see Fig. A-6).  The finite bias current of

Figure A-6 Settling behavior of SC integrator.
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the Class-A opamp initially causes slew-rate limited settling because the output cannot

transition as fast as that demanded by a single-pole response (exponential settling).  The

settling behavior switches to exponential settling once the time-derivative of the sin-

gle-pole response equals the slew-rate limit.  For a maximum output voltage excursion of

Vmax, the point of this transition can be derived as follows.  The linear single-pole

response at the output is:

(A - 59)

and its derivative (ramp rate) is:

(A - 60)

By setting the above equation equal to the slew-rate, the voltage when exponential settling

begins can be solved for:

(A - 61)

(A - 62)

Substituting (A - 62) back into (A - 59), the output voltage is:

vo t( ) Vmax 1 e
t τcl⁄–

–( )⋅=

td
d

vo t( )
Vmax

τcl
------------- e

t τcl⁄–
⋅=

td
d

vo tx( )
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τcl
------------- e

tx τcl⁄–
⋅

Io

Co
------= =

tx τcl

Vmax

τcl
-------------

Co

Io
------⋅

 
 
 

ln⋅=
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(A - 63)

where Acl =  is assumed.  (A - 63) shows that the output voltage swing is slew-rate lim-

ited until the voltage is within Vdsat (=Vgs−Vt) times the closed-loop gain of its final value.

In terms of the input voltage to the opamp, vx(t) (which is smaller by the closed-loop gain),

slew-rate limited settling ends when the input voltage is equal to a Vdsat.
1  Knowing the

output voltage of (A - 63), the slew-rate limited settling period, t1, is simply:

(A - 64)

where Vosat is Vdsat referred to the output.

1. This is true since the final value of vx(t) is zero.  Note that Io is typically the bias of a diff-pair so that it is
equal to 2Id for small-signal analysis (which is a somewhat gross over-simplification)
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Given Vmax, the time, t2, for the exponential settling to within  LSB for i-bits of

resolution can be found by solving the following equation for t2:

(A - 65)

(A - 66)

In a worst-case design, the total settling time (the sum of t1 and t2) is equal to half the sam-

pling period so:

(A - 67)

where Pi is the power of a pipelined stage that needs to meet an accuracy of i-bits and Vosat

is:
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(A - 68)

(A - 67) can be rearranged to give:

(A - 69)

where:

(A - 70)

α ranges typically from 0 (when Vosat equals Vmax, i.e., no slew rate limiting) to 3 (for

Vdsat = 175mV, f = 0.5, Vmax = 2V).  The kT/C noise influence on the power is incorporated

in Cx via the value of CS.

A.7 Derivation of PN (Ignoring kT/C Noise)

The total power1 (PN) of a 1bit-per-stage power-optimized pipelined converter of
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N-bits can be obtained from (A - 69) as follows:

(A - 71)

If kT/C considerations are ignored, then Px is constant and can be factored out of the sum-

mation, yielding:

(A - 72)
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Appendix B

Addendum to Chapter 4

B.1 Error cancellation of "zeroing" sequence

In Section 4.2, top-plate passive integration uses a zeroing sequence to eliminate

error charge on the top-plate of the sampling capacitors, CS.  This sequence momentarily

closes a switch (M4) after capturing a sample of the input signal and prior to integrating it.

It relies on the fact that the net charge on the node connecting CS and Cp1 is preserved

after the sampling operation (see Fig. B-1).

Fig. B-1 is a reprint of Fig. 4-13 and will help to explain the process.  The charges on

Figure B-1 Cancelling charge errors prior to passive integration.
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Cp1−
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node 1+ node 1−

q3+ q3−M4
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the top-plates of CS± are indeterministic and random as are the corresponding voltages

(V3+ and V3−).  However the net charges, q1+ and q1−, at nodes 1+ and 1− are known (see

equation (4 - 13) and accompanying section):

(B - 1)

(B - 2)

where Q1 is the common-mode charge error1 due to charge injection and clock

feedthrough when the sampling switch is turned off.

Using the above facts, the equation for the charge on the top-plate of CS+ (and CS−),

q3+ (and q3−), as a function of V3+ (and V3−) can be derived as follows:2

(B - 3)

Solving for q3+ from (B - 3):

(B - 4)

1. Assuming Q1+ = Q1− = Q1.

2. Assuming CS+ = CS− = CS and Cp1+ = Cp1− = Cp1.

q1+ qS– Q1+=

q1− qS Q1+=

V3+

q3+

CS
--------- V1+

q3+

CS
---------

qS– Q1+( ) q3+–( )–

Cp1
----------------------------------------------------

q3+

CS
---------

qS– Q1 q3++ +

Cp1
---------------------------------------+=

+=

+=

q3+ qS

CS

CS Cp1+
----------------------

 
 
 

⋅ Q1

CS

CS Cp1+
----------------------

 
 
 

⋅ V3+

CS Cp1⋅
CS Cp1+
----------------------

 
 
 

⋅+–=
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Similarly, q3− is:

(B - 5)

From (B - 4) and (B - 5), only the last term adds a variable and unknown charge to the

top-plates of CS+ and CS− and is dependent upon the value of V3+ or V3−, respectively.

Thus by forcing V3+ to equal V3−, the last terms cancel and the net differential charge, qdf,

is:

(B - 6)

B.2 Gain attenuation of integration step

After the zeroing sequence removes the error components from the top-plate of CS,

the final step is to turn on M1 and M2 (time t4 in Fig. B-2), thereby integrating the signal

charge with the other samples.  As stated in Chapter 4, due to three parasitic capacitances,

the signal charge is further attenuated.  The three parasitic capacitors are the top-plate

summing node parasitic (Cp3), the per-cell output-bus capacitance (Cpo) and the

gate-oxide capacitance of M2 (Cox2).  To show this, first consider the differential output

voltage, vodf, of a passive integrator resulting from integration of N input samples:1

1. In a passive approach there is an automatic normalization by the number of samples integrated, N.

q3− q– S

CS

CS Cp1+
----------------------

 
 
 

⋅ Q1

CS

CS Cp1+
----------------------

 
 
 

⋅ V3−
CS Cp1⋅
CS Cp1+
----------------------

 
 
 

⋅+–=

qdf q3+ q3−– 2 qS

CS

CS Cp1+
----------------------

 
 
 

⋅ ⋅= =



B.2 Gain attenuation of integration step 217

(B - 7)

where vidf(i) is the differential input voltage samples and Av is the per-cell voltage gain.

For an ideal passive integrator, Av equals one, and is less than unity for any actual imple-

mentation.  (B - 7) can be compared to the derived result to extract the value for Av.

Figure B-2 Signal charge is integrated when M1 and M2 turn on at time t4.
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Let qS' be defined as:

(B - 8)

Then from (B - 4) and (B - 5), the differential charges, q3+(i) and q3−(i), on the top-plates

of CS+ and CS−, respectively, for the i-th sample can be written as:

(B - 9)

where Qε is the sum of the last two terms in (B - 4) and (B - 5) (with V3+ equal to V3−

from the zeroing operation).  Thus the total differential integrated charges, Q+ and Q−,

from N samples are:

(B - 10)

where  and  are the average values of their respective N quantities.

When switch M2 is on, the signal charge is changed by the amount of charge that is

stored in the transistor’s channel, −qox2.1  The amount of charge in the channel is bias

1. For NMOS switches, the channel charge is negative so an equal and opposite charge is added to the signal
charge.  Hence the channel charge is −qox2.
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dependent and hence dependent on the output voltage.  Since the total amount of the chan-

nel charge (from the N switches) is important only at the end of the integration, it only

depends on the final output voltage, Vout.  Thus Vout+ is:

(B - 11)

where qox2 is the charge due to one (M2) switch:

(B - 12)

Substituting (B - 12) in (B - 11) yields:

(B - 13)

(B - 14)

Similarly, Vout− is:
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CS Cp3 Cpo Cox2+ + +( )
--------------------------------------------------------------------=

qS'

CT
-------
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-------+
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(B - 15)

And thus the final differential output voltage, Vodf, is:

(B - 16)

By comparing (B - 16) to (B - 7), the voltage gain is:

(B - 17)

as desired.

B.3 Error Derivation due to Junction Capacitance Non-linearity

In Section 4.3, the non-linearity of the parasitic junction capacitance, Cp1, for the

top-plate passive SC integrator contributes a differential error component to the gain of a

cell depending on the magnitude of the sampled signal.  In this section that fractional error

(as given in (4 - 28)) is calculated.
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From (B - 6), it appears that the non-linearity of Cp1 only affects the differential gain

in a direct manner; however in the derivation of (B - 6), the last terms in (B - 4) and (B - 5)

do not cancel if Cp1 is non-constant, producing additional error terms.  To re-derive (B - 6)

including the non-linearity of Cp1, let Cp1+ and Cp1− be the values of Cp1 for q3+ and q3−,

respectively.  Cp1+ and Cp1− are the values of the respective Cp1 capacitors when M4 is

closed and V3+ = V3− = V3.  These charges, q3+ and q3−, on CS+ and CS− are captured

once M4 is opened so subsequent variations of Cp1+ and Cp1− do not affect the result.  Let

the corresponding voltages across Cp1+ and Cp1− be Vcm ± ∆V, where ∆V is roughly the

sampled input voltage.  Then the differential charge on CS± is:

(B - 18)

where:

(B - 19)

Referring to (B - 6), the fractional error of the differential charge, Edq, can be calculated as

follows:

(B - 20)
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(B - 21)

where:

(B - 22)

(B - 23)

therefore from (B - 18) and (B - 21):

(B - 24)

(B - 25)
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(B - 26)

(B - 27)

(B - 28)

(B - 29)

An example will help quantify the relative magnitudes of the error components.

B.3-1 Example

This example is taken from the prototype chip which was fabricated in a 1.2µm

CMOS double-poly process.  

CS = 250fF, vin+ = +0.5V and vin− = −0.5V so:

 ∆V = 0.5V and 
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For Vcm = 1.5V, φ = 0.8V, m = 0.4 and a M1 switch size of , yields:

 

For V3 = 1.5V:

From the above we find:

and:

which permits about 42dB of dynamic range.  The biggest error component is due to the

last term (V3 term) since the series combination of CS and Cp1 is dominated by Cp1 and its

non-linearity during the zeroing operation (see Fig. B-1).

W
L
-----
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1.2um
---------------=

Q1
1
2
--- W L Cox Vgs Vt–( )⋅ ⋅ ⋅ ⋅ 9fC= =

Cj0 11.23fF= Cp1o 7.36fF=

Cp1+ 6.81fF= Cp1− 8.12fF=

V3 Cp1o⋅ 11fC=

Ea 1.0021= Eb 0.9971=

Edq 0.00040– 0.00018– 0.00760– 0.00818– 0.82%–= = =



225

Appendix C

Addendum to Chapter 5

C.1 Power Estimates of Timing-Signal Generation and 
Distribution

In this section the calculations for two approaches to the timing-signal generation

and distribution will be presented.  One approach is the generate-and-distribute technique

which generates the four timing signal at one end of the correlator chain and uses four SR

chains to distribute the signals to each of the sampling cells of the correlator.  The other

approach is to propagate a single pulse (start-pulse) down a SR chain, use a multi-tap

technique to create a clock sequence for each generation logic block and  locally generate

the timing signals.  Since the second approach minimizes the high-frequency switching

capacitance, i.e., the 64MHz clock, it results in a power savings over the first approach.

Simulation results shown in Table C-1 can be used to quantify this savings.1  The

generate-and-distribute scheme requires four 64-stage SR chains.  The locally-generate

1. Metal line capacitance was not included in the simulation nor was the capacitive loading of the differen-
tial sampling cells.  Both would have the same effect on the two approaches and not affect the relative
results.
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approach requires only one 64-stage SR chain but has additional switching power from the

per-cell generation logic.  For the entire chip (12 correlators, i.e., 6 correlators per bank),

eight sets of timing-chains were needed (4 per bank; one each for the In-phase Data corre-

lator, the Quadrature-phase Data correlator, the I-phase Early and Late correlators and the

Q-phase Early and Late correlators).  

Table C-2 tabulates the power totals.  

C.2 Average Frequency of PN Generator Outputs

Fig. C-1 shows example waveforms of the output from a shift-register (positive

edge-triggered D-flip flop) that is used in a PN generator along with the input clock wave-

form.  The fastest output rate possible, outfast, is half the frequency of the clock.  Since any

TABLE C-1 Power Breakdown

Description Power

Clock power (64-stage SR) 1.899 mW

Switching power (64-stage SR) .660 mW

subtotal 2.559 mW

Generation logic switching power(1) .884 mW

(1).This also included the additional power due to loading
of this block on the multi-tapped SR chain.

TABLE C-2 Power Comparison

Approach

Single 
64-stage  

SR Chain

Four 
64-stage  

SR Chains

Additional
Generate 

Logic

Eight Sets 
of Timing 

Chains

Generate-and-distribute 2.559 mW 10.236 mW − 81.888 mW

Locally generate 2.559 mW − 3.443 mW 27.544 mW



C.2 Average Frequency of PN Generator Outputs 227

SR output is just a shifted version of the previous stage’s output, all outputs have the same

average frequency for the PN generator.  outPN is an example of one of the PN generator

outputs.  The output pattern is a run of 1 ones, then a run of 3 zeros, 2 ones, 1 zero, 1one,

etc.  Since there is exactly one edge transition associated with each run of ones or zeros,

knowing the distribution of the runs will allow a calculation of the average frequency with

respect to the clock.  From Section 3.2, the distribution of ones and zeros has a binary

weighting function which will make the calculation simpler.  From Table 3-1, as an exam-

ple (M=7)1, there are 32 (25) runs of ones and 32 runs of zeros when summing the second

and third columns.  Since two opposite edge transitions make up one cycle, there are 32

cycles of the PN output for 127 cycles of the clock.  Thus the average frequency of the PN

output is about 1/4 the clock frequency or by induction for any M-stage maximal-length

PN-sequence generator:  

 (C - 1)

Figure C-1 Clock and output waveforms of a shift-register used in a PN 
generator.

1. M is the number of stages (shift registers) in the PN generator.
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C.3 PN Generator Power Calculations

This section will quantify the power dissipation of the three PN generator output

latching approaches of Fig. C-2.  This analysis will restrict the comparison to clock and

Figure C-2 Latching a 64-chip output from the PN generator.
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output power of the PN generator and the master latch.  All process values pertain to the

1.2µm CMOS double-poly double-metal 5V technology used for the prototype IC.  

From the process data,  Table C-3 of capacitance values were calculated:

C.3-1 PN generator with 48 shift-register extension

In this configuration, the 64MHz clock would have a clock load of 64 SR

clock-inputs and a metal capacitance load of 64 Cm (640fF).  The register outputs would

have a load of 128 SR D-inputs and an estimated metal capacitance of 4 Cm (40fF) per

output for a total of 2.56pF.  The outputs would have an average frequency of 16MHz.

Table C-4 presents the power calculations based on the data above.

C.3-2 Single-latch configuration

The clock would have a load of 16 SR clock-inputs and metal capacitance of 16 Cm

TABLE C-3 Capacitance values

Description Symbol Value

D-input of SR or Latch CD 16 fF

Clock input of SR or Latch Cclk 33 fF

Metal line per SR or Latch width Cm 10 fF

TABLE C-4 PN Generator with 48 SR Extension

Description Freq Load Power

PN generator clock - SR 64 MHz 2.112 pF 3.379 mW

PN generator clock - metal line 64 MHz .640 pF 1.024 mW

PN gen. outputs - SR D-inputs 16 MHz 2.048 pF .819 mW

PN gen. outputs - metal lines 16 MHz 2.560 pF 1.024 mW

total 6.246 mW
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(160fF).  The register outputs would have a load of 128 SR D-inputs, an estimated metal

capacitance of 16 lines each of length 64 Cm feeding 2 latches (4 Cm) for 12.80pF and an

average frequency of 16MHz.  

C.3-3 Double-latch configuration

The PN generator clock would have the same loads as in the single-latch configura-

tion above and the master latch would have the same loads as the PN generator outputs

above.  The PN generator outputs would have a load of 16 SR D-inputs with an estimated

metal load of 16 Cm and an average frequency of 16MHz.  The clock into the master latch

would have a load of 16 SR clock-inputs with a metal load of 16 Cm and a frequency of

4MHz.  Thus the master latch outputs would have an average frequency of 1MHz.  

The double-latching scheme significantly reduces the power dissipation and is a

good example of the benefits of shifting circuitry to a lower operating frequency

(load-shifting).  

TABLE C-5 Single-latch Configuration

Description Freq Load Power

PN generator clock - SR 64 MHz .528 pF .845 mW

PN generator clock - metal line 64 MHz .160 pF .256 mW

PN gen. outputs - SR D-inputs 16 MHz 2.048 pF .819 mW

PN gen. outputs - metal lines 16 MHz 12.800 pF 5.120 mW

total 7.040 mW
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TABLE C-6 Double-latch Configuration

Description Freq Load Power

PN generator clock - SR 64 MHz .528 pF .845 mW

PN generator clock - metal line 64 MHz .160 pF .256 mW

PN gen. outputs - SR D-inputs 16 MHz .256 pF .102 mW

PN gen. outputs - metal lines 16 MHz .160 pF .064 mW

Master latch clock - SR 4 MHz .528 pF .053 mW

Master latch clock - metal line 4 MHz .160 pF .016 mW

Master latch outputs - SR D-inputs 1 MHz 2.048 pF .051 mW

Master latch outputs - metal lines 1 MHz 12.800 pF .320 mW

total 1.707 mW




